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Abstract

This thesis presents an ultra-low-power wireless transceiver for Bluetooth Low-Energy
standard. For achieving an ultra-low-power operation with a low sensitivity and a high
blocker immunity of the presented transceiver, architecture considerations and key build-
ing blocks are discussed. A wide loop-bandwidth fractional-N DPLL plays a central role
in the presented transceiver, i.e., a frequency modulator for the transmitter and a local
oscillator, an analog-to-digital converter, a frequency and phase synchronizer for the re-
ceiver. To obtain better jitter and spur performances of the DPLL while maintaining low
power operation, techniques such as the isolated constant slope digital-to-time converter
and TDC gain calibration are also discussed in this thesis.
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Chapter 1

Introduction

1.1 Internet-of-Things and Its Available Wireless Stan-
dards

Internet of Things (IoT) covers huge industries and application scenarios. Fig. 1.1 shows
several application cases. Machines such as vehicles can be connected over the air and
"talk" to each other to ensure safe driving. Devices on or inside a human’s body can
help monitor both the mental or physical state from a person and share those data with a
doctor or the family members. Devices for our daily life such as smartphones, cameras,
TVs, lights will also be connected to cooperate, which multiple application scenarios
can be defined to shrink the manual setting by humans greatly. For example, multiple
types of sensors can be placed inside the house, ambient light sensors and proximity
sensors will automatically turn on the light and change the level of the light by sensing if
there are people inside the room and how is the environment light condition. Humidity
sensors, temperature sensors, and air quality sensors will control the air conditioner and
the air purifier to regulate the room temperature and clean the harmful particles inside the
house. By those interconnected "smart" devices in the house, the house itself can become
intelligent and more comfortable for people to live in. Finally, the city infrastructures
will also form a huge network, for example, devices with beacon mode will form a very
accurate navigation network that can navigate the people even in the indoor scenario.
All those above mentioned wireless networks will greatly benefit from the high-speed
wireless internet that enabled by the 5G cellular network. In the upcoming future, the
small networks such as the wireless network in the house will be connected to a micro,
pico or even femto gateway devices like the Wi-Fi router, and those micro, pico or femto
gateway devices will finally be connected to the internet by the 5G base stations and
eventually form a massive things’ network. Tons of data can be processed locally or



2 Introduction

IoT

Machine to Machine

Figure 1.1: The concept of the Internet of Things.

online. Artificial intelligence (AI) can access those data and help people to manage most
of the things in our daily life, in our work etc.. A revolutionary era is approaching if IoT
and other related technology are fully deployed.

After many years’ researches and developments by industry companies and academic
institutes, lots of wireless standards are carried out and developed year after year to re-
alize the IoT era. Different standards are used for different cases in the complicate radio
environment. Here we list some of the popular wireless standards for IoT applications:

Bluetooth Classic: A standard operates at 2.4GHz which is located in the globally unli-
censed while being regulated industrial, scientific and medical (ISM) frequency band. It
utilizes the frequency hopping technique to avoid being interfered. It specifies a data rate
of up to 3Mbps with a maximum communication range of around 100m.

Bluetooth Low-Energy: A standard operates at 2.4GHz ISM-band and uses frequency
hopping techniques. The latest standard of 5.0 version specifies a data rate of 125kbps,
1Mbps and 2Mbps and a minimum range of 200m outdoors and about 40 meters indoors.
Other features include the beacon mode and ultra-low-energy consumption.

IEEE 802.15.4: A standard specifies a low-rate wireless personal area networks (LR-
WPANs). It is the basis for ZigBee, WirelessHART, MiWi and ISA100.11a specifications.
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Zigbee: A standard operates in the 2.4 GHz ISM-band with 250 kbps data rate. The
maximum number of nodes in the Zigbee network is 1024. The communication range is
approximately 200 meter.
WirelessHart: A standard provides a robust wireless protocol for the full range of process
measurement, control, and asset management applications.
DigiMesh: A standard specifies a proprietary peer to peer networking topology for the
wireless end-point connectivity.
NFC: It operates at a center frequency of 13.56 MHz using inductive coupled devices
with a data rate up to 424kbps and a range of few centimeters.
ANT: It is used for wireless sensor networks operating at 2.4GHz ISM-band. It estab-
lishes rules for data representation, signaling, co-existence, error detection, and authenti-
cation.
EnOcean: It is an energy harvesting wireless technology. It works at 902MHz, 868MHz,
or 315Mhz frequency band. The transmitting ranges are 30m for indoor and 300m for
outdoor.
Wi-Fi: It operates at 2.4 GHz, 3.6 GHz and 4.9/5.0 GHz bands with a data rate from
several Mbps to several Gbps. Common range is up to 100m and it can be extended.
RFID: It operates at 120-150 kHz (LF), 13.56 MHz (HF), 433 MHz (UHF), 865-868
MHz (Europe), 902-928 MHz (North America) UHF, 2450-5800 MHz (microwave), 3.1-
10 GHz (microwave) frequency bands with a range from 10cm to 200m. Some usage
examples include road tolls, building access etc.
NB-IoT: It is standardized by the 3GPP. It based on the present 3G/4G LTE networks
with very narrow data bandwidth. It features at low rate and very long range.

1.2 Bluetooth Low-Energy and its Applications

After decades of evolution from 1994, Bluetoothr technology becomes one of the most
popular wireless standards in short and middle range communications. Together with
Wi-Fi technology, it is widely adopted in almost all kinds of wireless communications.
The most famous application scenario is its integration in every smart phone nowadays to
replacing the conventional wire-line solutions such as the ear phones and keyboards etc.
The Institute of Electrical and Electronics Engineer (IEEE) standardized the Bluetooth
standard as IEEE 802.15.1. However it is no longer maintained by IEEE. Now a special
interest group (SIG) oversees development of this standards as well as protects the trade-
marks. The manufacturer or the developer must satisfy Bluetooth SIG standards before
releasing to the market.

The standards defines two modes for different purposes. The classic mode (Bluetooth
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Classic) targets at a high data rate, and the low energy mode (Bluetooth Low-Energy/BLE)
focus at ultra-low-power (ULP) operation. The BLE is more popular in terms of the IoT
applications because of the extended battery life enabled by the supper low energy con-
sumption. The moderate data rate can also meet most of the communication requirements.
The core specification are already update to version 5.0 (BLE 5.0) [1] which added more
new features for IoT applications than the previous version 4.2 (BLE 4.0) [2]. This thesis
is based on BLE 4.0 because the work was started before BLE 5.0 has been released in
the year of 2017. The physical layer specifications are shown in detail in [1, 2].

BLE devices support four different roles, which behave difference when different roles
are selected:

• Role 1: It performs an advertiser which is connectible and can operate as a slave in
the connection. For example, a thermometer sensor.

• Role 2: It performs a master device that scans for advertisers and can start and
initiate the connections. It can establish many connections simultaneously. For
example, the computer or the smart-phone.

• Role 3: It performs a broadcaster that is a non-connectible advertiser. Good exam-
ples are the tag for asset tracking or the tag for the pet ID.

• Role 4: It performs an observer scans for advertisements, while it couldn’t initiate
the connections by itself. For example, a display that receives the temperature data
and displays it.

The first two roles are connectible and the last two roles are non-connectible. The
variety of the roles present a good support for different low-range medium/low-data rate
application scenarios. It is another reason that BLE standard becomes one of the most
popular wireless technology for IoT applications.

1.2.1 Beacon Mode of Bluetooth Low-Energy

In wireless technology, the beacon mode is the concept that a battery driven device keep
broadcasting small pieces of information to the surrounded or passing-by devices. These
small pieces of information may include: 1. the ambient data, such as temperature, air
pressure, humidity etc.; 2. the micro-location data, such as asset tracking, retail etc.; 3.
orientation data, such as acceleration, rotation, speed etc.. Usually, the transmitted data is
a static one. However, it also may be the dynamic one, depending on the application. With
the aforementioned BLE technology, the beacons can run for years without changing the
battery. The BLE is ideal solution for beacon mode. Not only because of the low-power
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operation but also the BLE eco-system is already deployed in most of the smart-phone
and other BLE embedded devices. As such, the beacon mode will be one of a impor-
tant technology for IoT and BLE will be a suitable standard to support this technology
achieving better performance.

1.2.2 Mesh Network of Bluetooth Low-Energy

As shown in Fig. 1.2, BLE supports a variety of wireless communications. It supports
point-to-point communication, such as the audio transmitting and receiving, the video
transmitting and receiving. It also supports broadcasting communication, such as beacon
advertising. Recently, in the BLE 5.0, the Bluetooth SIG group added another feature
to the present BLE standard, which is the availability of the mesh network. It will be
the future of the communication topology for IoT applications. The mesh network is
originated from the concept of massive network connection. It is a network topology in
which a device (we name it a "node") transmits its data, and at the same time serves as a
relay for other nodes. The routers are practiced to yield the most efficient data path for
effective data communication. If a hardware failure occurs, many routers are available to
continue the conversation which maximally ensures the connectivity and the data security.

1.3 Challenges for BLE Transceiver Design

Fig. 1.3 shows an example of a BLE transient power profile from a commercial CC26XX
SoC from TI. When the receiver is not active, the power is dominate by the leakage
power/sleep power. When the desired signal is detected, the receiver is waken up by
off-chip triggers and some pre-process procedures starts to run before transmitting and
receiving the desired signal. After the pre-process operation, the RX and TX starts to
work which receives and transmits data by a sequence decided by the application. The
power consumption will be mainly dominated by the TX and RX active power if multiple
transmitting and receiving steps are required. After finishing the receiving and transmit-
ting steps, the TRX will do some post process and enter the sleep mode to save the power.
Typical coin battery is compact for its size, however, the energy it contains is also limited
by its size. For example, a SR44 alkaline coin battery contains an energy of 150mAh.
Hence, the TX and RX active power should be minimized for the BLE applications.
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Point-to-Point Communication Broadcasting Communication

Mesh Network

Figure 1.2: Variety types of communications that BLE supports.

Figure 1.3: Power consumption of the breakdown of a Texas Instruments CC26XX BLE
device during a connection event.

1.3.1 Transmitter Design and its Challenges

Table 1.1 shows the specifications used to evaluate the BLE transmitter (TX). 40 channels
with 2MHz spacing is assigned while the data rate is only 1Mbps with a 0.5 modulation
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Table 1.1: Transmitter Characteristics

Channels
K=0∼39

(2402MHz+K*2MHz)

Modulation Scheme
GFSK

(0.5±1% modulation index)

Frequency Deviation
250kHz

(Minimum Value >185kHz)

Symbole Rate
1Mbps

(Accuracy<±50ppm)
Transmit Power -20dBm to 10dBm

In-band Spur Emissiona |Mb-Nc|=2MHz <-20dBm
|Mb-Nc|≥3MHz <-30dBm

Harmonic Emission
2nd Harmonic <-41dBm
3rd Harmonic <-41dBm

Center Frequency Drift
Max. Value ±50kHz

Rate 400Hz/µs
a An adjacent channel power is specified for channels at least 2 MHz from the

carrier. Power is integrated in 1MHz bandwidth.
b Center frequency.
c Adjacent channel frequency.

index. Most of the signal energy concentrates between -500kHz to +500kHz. This large
channel spacings between each channel can greatly relax the near channel interference
which relax the power consumption for the receiver (RX) design. A center frequency
drift tolerance is 50kHz which maximumly relaxes the local oscillator (LO) specifications.
Even a free running oscillator could be adopted in the design by this relaxed condition.
However, in order to reduce the influence to other receiving devices such as Wi-Fi RX,
the second harmonics should be greatly suppressed. A -41dBm of the 2nd harmonic of
the transmitting frequency should be satisfied, which brings challenges when TX delivers
a 10dBm signal. The harmonic suppression ratio should be over 51dBc to satisfy the FCC
regulation.

1.3.2 Receiver Design and its Challenges

Table 1.2 lists the most common requirements for the BLE RX design. A minimum sen-
sitivity of -70dBm is required for the TX. However, most of the commercial applications
required a less than -90dBm sensitivity. The improved sensitivity not only improves the
receiving range but also help reduce the transmitting power level. The reduced power
level from TX can greatly reduce its influence on other surrounded receivers. The max-
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Table 1.2: Receiver Characteristics

Sensitivity <-70dBm
Max. Input Power -10dBm

PERa(BER) 30.8%(0.1%)

Adjacent Channel Rejectionb

0MHz -21dB
1MHz -15dB
2MHz 17dB
≥3MHz 27dB

Blocker Powerb

30MHz-2000MHz -30dBm
2000MHz-2400MHz -35dBm
2500MHz-3000MHz -35dBm
3000MHz-12.75GHz -30dBm

a Packet error rate.
b The desired signal is used for the measurements.

RF Front-End

Local Oscillator

ADC Digital Modem

Phase Noise

IRF

IRF

kT Noise

VBB

VBB

Figure 1.4: The basic receiver architecture

imum input power tolerance is required as -10dBm which results a minimum dynamic
range requirement of -70dBm-(-10dBm)=60dB for the entire receiver. The blocker per-
formances are separated as two kinds: the in-band blocker tolerance/the adjacent channel
rejection (ACR) and the out-band blocker tolerance. They are measured using a desired
signal (S desire) as the transmitting signal from TX. The blocker signals are specified as
(S blocker) with different offset frequency from S desire. S desire is specified as 3dB higher
than the specified sensitivity level of -70dBm which is -67dBm. S desire and S blcoker are
both specified as 1Mbps GFSK signals with modulation index of 0.5 and BT of 0.5. The
modulating data for S desire is PRBS9 code while PRBS15 is used for S blocker.
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From this table, the design challenges can be explained when we roughly derive the
electrical specifications for the RX design. The basic architecture of the modern RX is
shown in Fig.1.4. A radio frequency (RF) front-end (FE) is followed after the antenna
which amplify the desired signal S desire with minimum added noise while suppressing
the interference signal S blocker. It also performs an frequency translator by using a LO
that shift the center frequency of the S desire to a lower frequency in order to relax the
requirements of further stages. An analog to digital converter (ADC) can be placed after
the RF-FE to convert the analog signal into digital signal. The digital modem will do a
post process to decode the analog baseband signal into 0 and 1 which can be recognized
by digital computers to translate into all kinds of virtual information.

The RX sensitivity is mainly decided by the noise from the RF-FE and required signal
to noise ratio (SNRmodem) from the digital modem to satisfy the specified bit error rate
(BER). For a FSK baseband signal such as BLE, a 12dB can be an idea estimation of
SNRmodem. For a -95dBm sensitivity, the required noise figure of the RF-FE will be:

NF = S ensitivity − 10log10(kT · B) − SNRmodem = 7dB (1.1)

where B is the bandwidth of the baseband signal. This puts a stringent noise requirement
on the amplifier design in RF-FE which will burn significant amount of current to sup-
press the noise from the antenna (kT noise). Another challenge comes from the large input
power of -10dBm. Because the conversion gain of the input IRF to the output VBB cannot
be absolute linear as shown in Fig.1.4, the large input signal will cause desensitization of
the RX gain as well as produce the intermodulation signals such as 3rd-order intermod-
ulation distortion (IMD3). The intercept point (IP) is used to evaluate this performance.
The 3rd-order IP can be compute as:

IIP3 = −10dBm + SNRmodem/2 = −4dBm (1.2)

The larger IIP3 is, the larger power budget will be required to maintain the linearity.
Those noise and linearity requirements can be integrated into one specification of RX
dynamic range. Here a dynamic range of -95dBm-(-10dBm)=85dBm is required for the
RX. Assume the conversion gain of the RF-FE is GRF and the SNDR of the ADC is
SNRADC. We can have the following two equations:

SNRADC + GRF − NF − SNRmodem = 85dBm

⇒ SNRADC + GRF = 104dB
(1.3)

Such a high dynamic range will either require a high gain of RF-FE or a high resolution
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Mixer

LO

VBB Swanted+Sunwanted Filter

Figure 1.5: Wanted and unwanted signals down-converted by a mixer and LO.

of the ADC. If a high GRF is designed, not only the increased gain itself requires more
current but also the linearity is hard to maintain with limited power budget as shown in
Eq. 1.2. If we enlarge the effective resolution of ADC, the power will also increase
significantly.

Another challenge for RX is the blocker immunity especially the ACR. Basically,
analog filters are embedded to filter out the additional energy from the blockers. If a
linear RF-FE and an idea ADC is assumed, the suppression required for ACR at 3MHz
offset will be at least 39dB which means a 3rd-order low-pass filter (LPF) is required
for a 500kHz bandwidth. Notice that any non-idea effects from the RF-FE and ADC
will greatly increase the required suppression from the LPF which increase the power
consumption.

Last but not least is the nonideality from the LO. Fig.1.5 shows the frequency trans-
lation process inside the RF-FE. A mixer is acted as a multiplier that move the high
frequency signals to a lower frequency by using a LO signal. As shown in Fig.1.6(a),
if an ideal LO is used, the wanted signal S wanted will be down-converted to a interme-
diate frequency ( fIF) while the unwanted signal such as a blocker is down-converted to
funwanted − fLO + fIF . However, the local oscillator such as a oscillator or a phase locked
loop (PLL) will produce noise around the idea LO frequency, i.e., phase noise. As shown
in Fig.1.6(b), the unwanted signal will also be down-converted to fIF and the component
Smx,noise cannot be distinguished after conversion. This process is well known as recipro-
cal mixing. Because of the nonideality from the LO, the phase noise level and the spur
energy from the LO should be well constrained at blocker frequencies. For the ACR at
3MHz, the phase noise at 3MHz offset frequency is calculated as:

PNACR>3MHz = S desired − S blocker − SNRmodem − 10log10(B) = −99dBc/Hz (1.4)

The spurs from the LO, such as the fractional spur and the reference spur, will also
cause reciprocal mixing which leads to potential degradation on the SNR of the desired
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Figure 1.6: (a) Conventional data digitization process by the full-range TDC (b) Phase
domain diagram.

signal. For the offset frequency more than 3MHz, the maximum spur level can be calcu-
lated as:

SpurACR>3MHz = S desired − S blocker − SNRmodem = −39dBc (1.5)

As a conclusion, the main challenge for the BLE RX is from the limited power budget
when low sensitivity and high blocker tolerance are simultaneously required. Fig. 1.7
shows the battery life of the state-of-the-art RX using a coin battery (SR44). A duty-cycle
of 600µs over 1s (0.06%) is assumed to enable and disable the RX. Due to the small duty
cycle, the leakage power in sleep mode of the RX should be taken into consideration.
From the data sheet of TI’s most recent BLE SoC series (CC26XX), the leakage power
can be assumed around 100nW in sleep mode. And the battery can support the receiver
work for 190 years in the sleep mode, which can be negligible for RX operation. If we
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Figure 1.7: Battery life of the state-of-the-art BLE RX and our target.

assume the the RX requires a zero start-up time, the RX active power will dominate the
RX system power. An active power of under 2.5mW can support the RX system keep
working for 19 years.

1.4 Overview of the Thesis

The aim of this thesis is to investigate and achieve a fully integrated BLE transceiver using
advanced CMOS technology toward the future IoT technology. The thesis is organized as
follows:

Chapter 1 begins with an overview of the wireless standards for IoT applications and
carries out the importance of the BLE standard. Chapter 1 also analyzed the design chal-
lenges for the BLE TRX design when considering the PHY specifications. The reciprocal
mixing effect is explained in detail for the RX design, and the corresponded phase noise
and spur performances of the DPLL are calculated and given.

Chapter 2 introduces some fundamentals and essential features of both the analog-
type fractional-N PLL and the digital-type fractional-N PLL. The focus of Chapter 2 is on
the digital-type PLL toward advanced CMOS technology. Different DPLL architectures
are introduced to show the trade-offs between the power, jitter, locking time, etc. for each
DPLL architecture. Then, various time-to-digital converter (TDC) and DTC architectures
are introduced and reviewed for their power, jitter, and linearity trade-offs. Finally, the
phase noise of the LC oscillator is introduced for understanding the noise to the phase
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noise conversion mechanism.
Chapter 3 presents the proposed ULP fractional-N DPLL, which achieves sub-mW

operation, a worst-case fractional spur of -56 dBc, and a jitter-power FOM of -246 dB. A
1st-order DSM-based fractional-division controller is discussed and analyzed for demon-
strating its potential to support the sub-mW operation for a DPLL with a good jitter per-
formance. A 10-b isolated constant-slope DTC is proposed to demonstrate the linearity
and power efficiency improvements over the conventional DTC architectures. The gain-
and-offset calibration of the time amplifier (TA) is introduced to help minimize the in-
band phase noise degradation by both TA gain error and the TA offset. Finally, the whole
fractional-N DPLL design is carried out and measured with the proposed techniques. The
comparison with the state-of-the-art fractional-N DPLL is summarized for demonstrating
the merits of using the proposed techniques.

Chapter 4 introduces a BLE transceiver that utilized the proposed DPLL above as a
central component. The embedded low-power wide-bandwidth fractional-N DPLL per-
forms as 1) DPLL-based analog-to-digital converter (ADC) for the RX; 2) local oscillator
(LO) for the RX; 3) phase and frequency synchronizer for the RX; 4) direct frequency
modulator for the TX. The multi-function of the DPLL minimizes the power consumption
of the TRX. The wide-bandwidth DPLL supports the single-path demodulation method
for reducing the conventional I/Q branches to only I channel in RX. Hence, the number
of the required analog baseband circuits is reduced by half, which helps reduce the RX
power consumption significantly. Besides, the dynamic range of the DPLL-based ADC
is greatly enhanced by 18 dB thanks to the proposed DAC feedback structure. It substan-
tially improves the sensitivity and blocker performances. Finally, the entire BLE TRX
is introduced and evaluated, which achieved the recorded low power consumption when
compared with other state-of-the-art BLE TXs/RXs.

Chapter 5 is the conclusions for the thesis and the presented studies. Finally, future
works are discussed for further developing the presented researches in this thesis.
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Chapter 2

Fractional-N Digital PLLs for Wireless
Communication

2.1 Analog-Type Fractional-N PLLs

Due to the limited quality factor of the resonating circuits and unpredicted control gain,
a free-running oscillator along can not used as a local oscillator frequency source nor the
clock synthesizer. By using a negative feedback system and a high quality factor reference
clock to control the free running oscillator, a frequency synthesizer/phase locked loop
(PLL) can be realized. The analog PLL, comparing with its recent counterpart digital
PLL(DPLL), still have better performance in terms of the phase noise performance. The
Charge Pump PLL(CPPLL) as one of the most popular analog PLLs is widely researched
and developed.

The topology of a CPPLL is shown in Fig. 2.1. The PFD(phase/frequency detector)
will compare the phase and frequency error between reference and feedback clock and
generates the frequency/phase error. The charge pump will converted the frequency/phase
error to a loop filter and produce the correction signal to the VCO. The feedback signal
will be divided by a frequency divider. If this divider operates at a integer value, it is
called integer-N PLL. If a fractional divider is applied to the feedback path, it is called
fractional-N PLL. The number of the pole at the origin in the open loop transfer function
will decide which type of the control system is. If the PLL system has only one pole
introduced by the oscillator, we call it type-I PLL. Type-I systems always show a good
response speed comparing to higher type PLLs and very stable. However, it has a worse
phase noise performance. The type-II PLL which is shown in Fig. 2.1 demonstrate an
additional pole at origin introduced by the integrator capacitor C2. The static phase error
will go to zero when the loop is locked, which exhibits a good phase noise performance.
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Figure 2.2: Phase-domain fractional-N DPLL.

2.2 Types of Fractional-N DPLLs

Analog charge-pump PLL (CPPLL) has been the most preferred PLL architecture to im-
plement fractional-N frequency synthesizing. CPPLL can realize the excellent jitter and
spurious performance with small power consumption, i.e., high FOM. However, an ana-
log PLL loop filter requires a large area and is also very difficult to reconfigure. Further
more, for advanced CMOS technology, digital circuits are more preferred to replace the
analog counterparts such as filters, calibrations etc. To overcome these shortcomings,
digital fractional-N PLL is investigated and studied which requires no large capacitors.
Thanks to their intensive digital implementation, loop characteristics are much easier to
reconfigure. Also, the digital PLL is much easier to shift from one process to another.

Fig. 2.2 shows the first proposal of the fractional-N DPLL. It uses a counter and a
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Figure 2.3: Divider-based fractional-N ADPL.

time to digital converter (TDC) to count the phase values from the oscillator. A reference
clock is used to perform a clean timer to read out the counted phases. The integer counter
which works at oscillator frequency, will count every oscillator period. Its output can be
represented as a integer phase. However, if only counter is implemented, there will al-
ways a residue phase information within one oscillator period cannot be extracted due to
the limited resolution of the integer counter. Hence, a fractional counter with much finer
resolution is required to cover one oscillator period to assist the integer counter operation.
The fractional counter is also named as TDC. The integer phase and fractional phase of the
oscillator within one reference period is quantized and synchronized by reference clock.
Because a frequency control word (FCW) is more commonly used than the phase control
word (PCW) in frequency synthesizer applications, the integer phase and fractional phase
will be differentiate into the integer frequency and fractional frequency information by a
digital differentiator. Then it compares with the desired FCW at PLL input. The error in-
formation is the frequency error and the phase error is produced after integration operation
inside the digital loop filter (DLF). A digital controlled oscillator (DCO) is implemented
which the oscillation frequency is controlled by digital codes. This architecture is well
known for its pure phase domain operation and all the phase information from DCO can
be derived by the counter and TDC.

Another famous fractional-N DPLL architecture is shown in Fig. 2.3. This archi-
tecture is very similar to a CPPLL using the delta-sigma modulator (DSM) and a multi-
modulus divider (MMDIV) at the feedback path. The MMDIV is a frequency divider
as wel as a phase integrator. The FCW is input to the DSM oversampled by a clock at
reference clock rate. The long bit width FCW will be modulated to a short bit width FCW
which has a same length of the MMDIV control code width. The modulated output will
dither the phase integration ratio of the MMDIV. In average, the MMDIV will produce an
average phase integration ratio that should equal to the integration of FCW every refer-
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Figure 2.4: DTC-based fractional-N DPLL implementation.

ence clock. If the phase from MMDIV is not equal to the reference phase, the TDC will
produce a corresponded phase error. The DLF will filter the phase error and control the
DCO accordingly. The TDC is similar as a phase frequency detector (PFD) and charge
pump in CPPLL. The MMDIV also translate the frequency of DCO to a reference rate,
hence the frequency error is also detected at TDC simultaneously. This architecture is
known as the divider based DPLL.

There are several differences in designing these two architectures. The phase domain
DPLL requires a absolute synchronized operation of the counter and the TDC to count the
DCO phase within one reference period. And the TDC range should be exactly one DCO
period. Any mismatch in the TDC range and DCO period will cause significant fractional
spurs in fractional mode. As for the divider based DPLL, the TDC range should be over
one DCO period at least if a 1st order DSM is applied. A higher DSM order will results in
a much more wider TDC range. However, the TDC may not synchronize with any other
circuits.

For phase domain DPLL, the TDC and counter are both working at DCO frequency.
While for divider based architecture, the frequency is lower at TDC input to a rate of the
reference frequency.

As mentioned above, for the divider based fractional-N DPLL, the TDC will require
a quantization range of over at least one DCO period. As a phase calculator, the linear-
ity is very important for achieving lower fractional spurs. This will cause large power
consumptions for TDC design which is not preferred in low power applications such as
BLE etc. Fundamentally, this large phase error is caused by the quantization error from
the MMDIV due to the finite phase resolution of one DCO period. It performs an integer
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integration operation. So, if we can minimize this error, the phase error at TDC input
could be reduced. Since the MMDIV is an integer phase integrator, a fractional integrator
with much higher resolution is required. A digital to time converter (DTC) is proposed
to realize fractional time resolution while the digital integrator is used to integrate the
fractional phase, as shown in Fig. 2.4. As a results, the DTC can reduce the quantization
error from the MMDIV to several DTC resolution time hence a narrow-range TDC can
be implemented. This greatly cut the TDC power consumption. At a extreme case, even
1bit TDC (BBPD) can be used for fractional operation. However, as discussed in ref. [3],
a BBPD suffers from the very limited quantizing range and an ill defined gain. The lim-
ited quantizing range causes the slow convergence speed of the PLL by the well known
cycle-slip effect and also causes slow settling speed of the DTC gain calibration (LMS).
A multi-level TDC is desired for achieving faster converge speed and an well defined PD
gain, which is more preferable for wireless applications [3].

2.3 Building Blocks of Fractional-N DPLL

2.3.1 Time-to-Digital Converter(TDC)

As one of the most important important building blocks in DPLL operation, time to dig-
ital converter (TDC) converts the phase information of the DCO into digital codes with
sufficient accuracy, i.e., the effective resolution of TDC. As for a data converter, the power
consumption, the quantization noise, the linearity and the full scale of the TDC are impor-
tant factors to take care and must be well optimized to satisfied the system requirement.
In recent years, several different types of TDCs have been developed to achieve high res-
olution and good linearity, i.e., the flash type, the charge-based type and the noise shaping
type.

Flash Type TDC

Flash type TDC is the most commonly seen TDC because of its simplicity in design and
its resolution improvement from the advanced CMOS technology. Just like flash type
ADC, analog interpolation is required to generate multiple references to compare with.
The flash type ADC is using resistor string to interpolate a clean reference voltage and the
signal is compared with each interpolated voltage reference using a voltage comparator.
The voltage drop across the each of the resistor is the designed voltage resolution. Using
the same mechanism, the flash type TDC uses a CMOS buffer chain to interpolate a clean
reference clock. It is also called the "delay line based TDC" as shown in Fig. 2.5. The
reference clock CK1 is interpolated by the buffers with a intrinsic delay of t1 to generate
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Figure 2.5: Delay line based flash TDC.

multiple clock edges. Then, CK2 compares with each edge to derive the lead and lag
relationship by using high precision D flipe-flop (DFF) logics. The thermal codes are
converted into binary output by means of a decoder. It is easily notice that the buffer delay
shrink with the technology evolution which improve its resolution. However, even with
the 7nm technology, the maximum achievable resolution is around 5ps. For typical high
performance fractional-N DPLL, sub-ps resolution is required for lower in-band phase
noise. Furthermore, the buffer delay mismatch will greatly degrade the INL performance
if a large phase quantizing range is desired.

In order to improve the resolution, vernier chain TDC is proposed as shown in Fig.
2.6. As compared with delay-line based TDC, another buffer chain is inserted at CK2

path. By doing so, the minimum quantization steps becomes t1 − t2 which can be very
small regardless to the technology. However, a large quantization range will cause a very
long buffer chains at both paths. It degrades the linearity while consuming large power.
Another technique to interpolate the time is to use a so-called "Local Passive Interpolation
(LPI) TDC" [4] as shown in Fig. 2.7. A resistor chain is inserted between the input and the
output of the delay cell to acquire more phases from one delay unit. The internal phases
are more robust in PVT than the vernier-chain TDC. However, higher linearity requires
smaller resistors which greatly increases power dissipation. Other methods to increase
the flash type TDC resolution are reported in [3, 5, 6] by using time amplifier (TA). TA
amplifies the input time difference proportional to its gain which effectively increases the
TDC time resolution. However, the TA suffers from gain and offset variation across PVT
which makes it less practical.
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Figure 2.7: Linear passive interpolated TDC.

Charge-based Type TDC

The charge based TDC is another choice to realize high performance TDC [7, 8]. One
of the simplest way is to convert the charge information into the digital quantity using
a real world ADC [8] as shown in Fig. 2.8. PFD and charge pumps are used to derive
the input phase difference and convert the phase error into charge information. The SAR
ADC followed can quantize the charge information on its capacitor into digital codes.
The conversion gain is decided by the charge pump gain, and its resolution is decided by
the charge pump current and the ADC resolution. The merits of this architecture is that
the charge pump shares integrating capacitor with the capacitor-DAC (CDAC) inside the
SAR ADC, and its resolution can be lower to sub-ps with sufficient amount of quantization
range. However, the two individual charge pumps required for the ADC for differential
signals suffer from mismatches. Furthermore, the up-down current mismatches are also
critical factor that will degrades the linearity performance.



22 Fractional-N Digital PLLs for Wireless Communication

Dout

Vp

Vn

UP

CK1 R

R

QD

QD

Sampling timing

logic

CDAC

CDAC

SAR

Logic

UP

DN

CLRpfd

UP

UP

DN

DN

Dynamic comparator

S1Srst

CK2 DN

CLRpfd

Figure 2.8: Charge domain TDC using SAR ADC.

Single Slope TDC (SS-TDC) is proposed to realize high resolution, good linearity
with lower power consumption [7] as shown in Fig. 2.9. Instead of using two charge
pumps, a single current source are used to generate a slope VF that proportional to the
phase error ΦF, and the "amplifier" slope VRAMP by using N:1 ratio capacitors CR and CF.
When the current source starts charging CR, a start signal is generated and a counter value
running at fCNT is recorded as CNT(N). When VRAMP reaches the coltage level of VF, a
stop signal is generated by a comparator. The counter value of CNT(N+1) is recorded.
Hence, the time difference ∆TERR can be compute using the following equation:

∆TERR =

(
CNT (N + 1) −CNT (N)

)
·

1
fCNT

·
1
N

(2.1)

This method shares the current source in two conversion steps which cancels the nonlin-
earity from the charging process. It achieves a high linearity with good power efficiency.
However, the resolution is depends on how fast the counter runs, this potentially limits
the maximum achievable resolution from a high reference clock.

Noise-Shaping TDC

As widely known, noise shaping technique can improve the effective resolution by shap-
ing the noise out of the spectrum of interest. Just like noise shaping ADC that shapes the
low frequency quantization noise power to the high frequencies, the noise shaping TDC
can shape the jitter power to the higher frequencies. The most famous architecture of
noise shaping TDC was proposed in [9] known as the gate-ring oscillator (GRO) TDC.
As shown in Fig. 2.10, when Enable signal is high, the counter works to count the phases
of the oscillator. The counted data is sampled at the falling edge of Enable and then reset
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the counter. The phase information from Enable is reserved using the gating inverters
even the counter is reset. Consequently, the next counting can start from the previous
stored residue phase which results a continues phase counting over a time period. The
followed differentiator after counter will shape the quantization noise from the oscilla-
tor and counter in a first order manner. However, the charge sharing issue and the current
leakage from the Enable path will greatly affect the TDC linearity. Furthermore, the GRO
TDC also suffers a deadzone issue when Enable pulse is very small.

2.3.2 Digital-to-Time Converter(DTC)

As discussed above, to reduce the dynamic range of the TDC, digital to time converter
(DTC) used to assist the operation of the TDC with narrower dynamic range. It improves
the TDC resolution and linearity while achieving high energy efficiency on phase quanti-
zation process. As like TDC, the power consumption, linearity, resolution and noise are
also important for DTC design.

In general, DTC is a circuit that generates delays instead of quantizing phase errors. It
can be designed in a much more efficient way than the TDC. To get a delayed rising edge,
a slope with a slew rate of S RRamp and a comparator with a threshold of VTH are required
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as shown in Fig. 2.11. The delay can be written as:

tdelay =
VTH − VRef,p

S RRamp
(2.2)

From Eq. (2.2), the delay can be varied by changing either the comparator VTH, the
starting voltage of the slope VRef,p or the slew rate of the slope S RRamp. Each of which has
different design trade-offs and we will discuss it later.

Variable Slew Rate (Variable-Slope) DTC

As for the most commonly seen DTC in [10] shown in Fig. 2.12, it utilized a so called
variable slope method to acquire different delays. A current source is used to generate
the ramp signal triggered by input. A digital controlled capacitor bank is used to vary the
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slew rate of:
S RRamp =

Icurrent

Cbank
(2.3)

We can write the achievable delay range (DRDTC) as:

DRDTC = VTH/
ICurrent

Cbank
= VTH ·

Cbank

ICurrent
(2.4)

If we assume the current is constant during charging and discharging the Cbank, we can
write the DTC power consumption as:

PDTC = VDD · ICurrent · f · VDD/
ICurrent

Cbank
= VDD

2 ·Cbank · f (2.5)

f is the operation frequency of the DTC. From the above equaltion, double the delay range
while keeping a same power consumption, Cbank cannot be changed as shown in Eq. (2.5).
Hence, INMOS should be halved as shown in Eq. (2.4). The variance of the timing jitter
of the DTC can be analyzed like in [11]. We can write the jitter variance equation of the
DTC as:

σ2
DTC =

4kTγCurrentDRDTC

ICurrent(VDD − VTH)
+

kTCbank

I2
Current

=
kTCbank

I2
Current

·

(
1 +

4γCurrent

VDD/VTH − 1

) (2.6)

where k is the Boltzmann constant, T is the temperature. Now we found if we reduced the
current by half, the jitter will double. This is the well know delay range and jitter trade-off

for delay elements. To reduce the jitter from DTC, the current and load capacitor bank
should increase simultaneously while leaving there ratio the same.
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Variable Starting Voltage (Constant-Slope) DTC

The variable slope architecture shows a simplicity in design while bringing a major prob-
lem. As shown in Fig. 2.13(a), a comparator outputs reversed edge from its input at the
threshold voltage. Internally, the comparator is a open-loop amplifier who has a very high
gain around its reference voltage. Any small voltage difference between the IN and VTH

will be amplified and the output will be saturated. It the gain is infinite, no matter what the
input slew rate is, the output will instantaneously drops to zero at the first input, and the
second stage will produce its corresponded rising edge. However, practically, the gain can
not be infinite. The finite gain will produce a finite slew rate at the output of the first stage
if the input slew rate varies. As a results, there is a dependency of the variable delay and
the input slew rate. This is a code dependent quantity which is very difficult to remove. It
is the major nonlinear source for the variable slope DTC.

However, as shown in Fig. 2.13(b), if we vary the starting voltage while using the
same ramp for every comparison, the nonlinearity due to the comparator imperfection
can be fundamentally removed. This is the so called constant-slope DTC. As shown from
Fig. 2.11, the starting voltages could be changes as well to generate code dependent
delays. This methods achieves excellent linearity comparing with conventional variable
delay DTCs [12].
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Variable Threshold (Ramp-Division) DTC

From Eq. (2.2), the last thing we can do is to vary the threshold of the comparator. The
slope still has a constant slew rate during the comparison which mitigates the finite gain
induced nonlinearity. Fig. 2.15 shows a continues time comparator design, one of the
comparator input is connected to a DAC which generated code dependent voltage. The
VTH decides the threshold of the comparator. Another side is connected to the constant
ramp. When the ramp reaches the VTH, a rising edge will be produced. However, practi-
cally, the common-mode voltage of the comparator will also vary according to the variable
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VTH. The common mode voltage will greatly affect the intrinsic delay of the comparator.
This intrinsic delay could vary more than several ps which greatly degrade the linearity.
It is even worse than the finite gain effect from the comparator.

2.3.3 LC-Oscillator and Oscillator Phase Noise

Frequency synthesizer is one of the key building block in TRX systems. There are two
frequency sources running at different frequencies. The long term stabilized reference
source is utilizing the crystal oscillator and is usually running at lower frequency(several
tens of MHz). It will provide a purely reference clock for the synthesizer circuit. While
the short term stabilized oscillator is used for generating the several hundreds MHz and
Multi-GHz frequencies. For this high frequency output signal source, the phase noise
during its oscillation is important since it will contribute to the final synthesizer output
jitter performance. The output frequency should also be controlled considering multi-
channels selection and PVT variation. There are two type of oscillators i.e ring oscillator
and LC-VCO(inductor-capacitor resonator based voltage controlled oscillator). The ring
oscillator always has a worse phase noise and worse supply sensitivity compare with LC-
VCO, which is not very suitable for providing wireless communication carrier frequency.
The following content will focus on the oscillator phase noise performance of LC-VCO.

Fig. 2.16 shows three basic types of LC-VCO widely used in wireless communication



2.3 Building Blocks of Fractional-N DPLL 29

gtank

L

Ctank

-gactive

ACTIVE DEVICE

OPON

Time

Current
ON OP

Pbias

Pdilivery=

Pbias-Pactive

Pactive

VOPVON

Time

Voltage

output

output

Figure 2.17: LC-VCO model

systems. In this section, we will mainly focus on these topologies owing to its simplicity
of design and optimization, robustness and good phase noise performance. NMOS type
LC-VCO utilizes two NMOS transistor as cross coupled pair to maintain the oscillation
while the CMOS and PMOS type LC-VCOs utilize complementary cross coupled pairs
and PMOS cross coupled pair respectively. Each of them has their own pros and cons.

First, we will discuss about the start up issue of these three topologies. Every LC-VCO
can be modeled as a negative feed back system as shown in Fig. 2.17. Assume the inductor
and the capacitor in the LC tank is idea, the lossy part from them will form a equivalent
conductance which is expressed by gtank. The active part of the circuit(cross-coupled pair)
will generated current pulse every oscillation cycle as shown in Fig. 2.17 to replenish
the energy loss inside the LC tank. The oscillation could be maintained through the
entire oscillation period. We could model this behavior of the active devices as a negative
conductance −gactive since it is actually producing energy in its operation as shown in
Fig. 2.17. The Pbias is the power provided by the current bias device, which determines
the total power dissipation of the circuit. The Pactive is the power wasted dissipated only
by the active cross-coupled pair transistors. Pdelivery is the delivered power from the active
device. The Pdelivery/Pbias is the power efficiency of the active device.

We model the small-signal loop gain of the oscillator as at least βmin can be expressed
as:

βmin =
gactive,max

gtank
(2.7)

Mathematically, to satisfy the start-up condition, we could make the β to 1 which
means the energy produced by active device just compensate the energy loss from the LC
tank. However, to make a safety margin in real engineering, we need a minimum β i.e.
βmin (βmin=3).
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Second, we will discuss about the power consumption and general phase noise per-
formance of the LC-VCO. The first question is what is the phase noise in oscillators?
To answer this question, let’s look at the time domain signal waveform output from the
oscillator as shown in Fig. 2.18.

The ideal oscillator output is expressed as an perfect sinusoid waveform:

xideal(t) = Acos(ωct) (2.8)

In contrast, the real oscillator output waveform will deviate from the ideal zero cross-
ing point as shown in Fig. 2.18 mainly due to the circuit noise inside the oscillator. This
deviation of zero crossing point will affect the instantaneous frequency of the oscillator.
From phase domain point of view, the oscillator behaves like an integrator of oscillation
frequency and those frequency variation will becomes the phase error comparing with the
integration of an ideal sine wave. Since we don’t want this phase perturbation happen, we
call it "phase noise". We express this real oscillator waveform as:

xreal(t) = Acos(ωct + Φn(t)) (2.9)

Where the Φn(t) is called phase noise. We transform the time domain waveform in
to the frequency domain as shown in Fig. 2.19. For quantifying the phase noise, we
consider a 1-Hz bandwidth of the spectrum at an offset of δ f , measure the power in side
the bandwidth, and then normalize the result to the power of the carrier frequency fc. The
unit is expressed as dBc/Hz which expresses the power spectrum density of the signal
skirt. Generally speaking the limitation of the phase noise depends on the quality factor
of the LC tank(Qtank) and the output signal power from Leeson’s famous phase noise
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equation [13]:

L( fm) = 10log[
1
2

( f0

2Qtank fm

)2

+ 1
 ( fc

fm
+ 1

) (
FkT
Ps

)
] (2.10)

In the equation, f0 is the output frequency, Qtank is the loaded tank Q, fM is the offset
from the output frequency, fc is the flicker noise corner frequency, F is the noise factor
of the active part, k is Boltzmann’s constant, T is the absolute temperature and PS is the
oscillator output power of the desired frequency. This famous equation gives the designer
insight of the phase noise of the oscillator and optimization direction. The author also got
a very famous plot of the phase noise for LC-VCO as shown in Fig. 2.20.
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Fig. 2.20 shows three regions i.e. 1
f 3 , 1

f 2 and 1
f 0 phase noise region. However, this anal-

ysis is based on Linear Time Invariant(LTI) method which is hardly accurately predicting
the nonlinear oscillator behavior. There are many paper talked about the analysis method
based on LTV model [14–19]. One of the most famous methods is described in Thomas
H. Lee’s paper [14], which is the Impulse Transfer Function(ISF) method. This method
express the periodic transfer function of the nonlinear oscillator and its expressions vary
with the time in one period. The noise injected in different time in different node of the
oscillator will multiply different transfer function, and adding to the output phase noise.
Using this theory, the three different region can be explained clearly. The 1

f 3 region is
mainly due to the up-conversion of the DC term in the active device noise and the flicker
corner frequency is determined by the DC component ISF value and rms ISF value. The
1
f 2 region is mainly determined by the up-conversion of the thermal noise part from the
active device. Finally the 1

f 0 is the amplitude noise floor of the oscillator phase noise.



Chapter 3

Sub-mW Digital PLL Using
Digital-to-Time Converter

Internet-of-things (IoT) shows great potentials for enhancing the communication capa-
bilities for millions of people around the world. It enables us to communicate with the
personal devices, nearby sensor nodes, machines and even city infrastructures. Integrated
wireless transceiver (TRX) is the key to realize such wireless connections. Ultra-low-
power (ULP) TRXs will be key elements in a variety of short-range wireless standards,
e.g., BLE, Zigbee, WPAN/WBAN and Wi-Fi network. The radio-frequency phase-lock
loop (RF-PLL), as one of the most important elements in TRX, consumes a significant
amount of power [20] due to the phase noise and spurious requirements. Hence a reduc-
tion in PLL’s power will greatly lower the ULP TRX power consumption. The Digital
PLL (DPLL) [3, 21–28], which takes advantage of the scaling of CMOS technology, is
more promising than its analog counterpart in advanced CMOS process. It shrinks the re-
quired chip size while providing easily-accessed analog/digital inputs/outputs (IO) which
can be used for digital-intensive calibrations and modulations.

While the benefits of DPLL are obvious, there are still barriers for realizing a sub-
mW fractional-N DPLL. In the initial proposal of DPLL design [27] as shown in Fig.
3.1(a), a full-range time-to-digital converter (TDC) and a counter (CNT) are utilized as
the fractional and integer phase quantizer which measures the phase difference between
the DCO and REF. The TDC is required to cover at least one DCO cycle. The power
consumption will increase as we enlarge the TDC quantization range while maintaining a
good linearity and resolution. This fundamental trade-off makes it very difficult to realize
the low-power operation with good jitter and spurious performance [22, 27]. In Fig.
3.1(b), instead of using a full-range TDC, a full-range digital-to-time converter (DTC)
can be placed in the REF path. It is controlled by fractional part of FCW, i.e., (FCWfrac),
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Figure 3.1: (a) DPLL with the full-range TDC to perform fractional-N operation (b)
DPLL with the full-range DTC to perform fractional-N operation which reduces total
power consumption.

and produces a reference with a fractional phase REFfrac to the TDC input. It minimizes
the phase error between REFfrac and DCO [3, 23–26]. It basically mimics the operation
of the fractional-N analog sub-sampling PLL [29–31]. This phase-prediction mechanism
helps shrink the TDC range to only several DTC LSBs. As a result, even bang-bang
phase detector (BBPD) [26] can be used for achieving the fractional-N operation. In
contrast with the TDC which quantizes time difference, DTC generates variable delays.
Owing to this, the DTC consumes much less power than TDC when the same linearity
and resolution are presented. With the help of the low-power DTC, a sub-mW DPLL is
realized for the first time in [23].

However, the DTC also suffers from poor linearity and resolution when considering
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the limited power budget. The INL of the DTC generates fractional spurs due to the pe-
riodic phase modulation. In [23], an DPLL of 860µW is realized with a worst fractional
spur of -37dBc and 1.71ps rms jitter. It could potentially degrade the transmitter (TX)
EVM, the receiver (RX) sensitivity as well as the RX blocker tolerance. In [24], a DTC
phase dithering technique is utilized to scramble the INL periodicity, which spreads the
spur power into a white spectrum. The fractional spurs can be reduced by the dithering
while it degrades the in-band phase noise. As a result, a 1.98ps rms jitter is achieved
with a 670µW power. Because the DTC linearity is the greatest contributor of fractional
spurs, a highly-linear DTC with small power consumption is highly demanded. Constant-
slope charging method is proposed [12] to fundamentally improve the DTC linearity. This
method mitigates the nonlinearity arising from the inverter-based comparator. However,
the integrated digital to analog converter (DAC) consumes significant amount of power.
Another issue of conventional DTC is that the VTH of the inverter-based comparator di-
rectly suffers from the supply variation which greatly degrades the linearity. In order to
keep the linear operation, the comparison should be independent from VTH. TDC res-
olution is also important to minimize the jitter of the DPLL. A time amplifier (TA) [3]
can serve this purpose to improve the TDC resolution. However, the narrow-range TDC
can only quantize a limited phase difference which will significantly slow down the phase
locking process [3, 26]. The lock-up time of the DPLL is also critical for frequency
hopping applications such as BLE, hence it needs to be minimized.

The DPLL presented in this paper uses a delta-sigma modulator (DSM) and multi-
modulus divider (MMDIV) in the feedback path for realizing fractional-N operation. A
DTC is used for cancelling the quantization noise produced by MMDIV [26]. The analy-
sis done in this paper reveals that a first order DSM working in conjunction with a highly
linear DTC is capable of realizing low-jitter fractional-N PLL with low power consump-
tion, thus realizing high FOM. An isolated constant-slope DTC is proposed in this paper,
which is capable of providing high linearity with low power consumption. While in the
pre-charge and compare steps are combined in the conventional constant-slope DTC [12],
in the proposed isolated constant-slope DTC, the pre-charge and the compare steps are
isolated in order to maintain high linearity in a noisy supply environment and assure lower
power consumption. A TA-based TDC [3] is adopted to achieve high TDC resolution to
improve in-band phase noise. To speed up phase lock process, an always-on coarse DPLL
is proposed. The DPLL achieves a fast locking while the coarse DPLL consumes almost
zero power after phase lock is achieved. The proposed fractional-N DPLL achieves a
535fs jitter and an in-band fractional spur of -56dBc with only 0.98mW power, thanks
to the proposed DTC. It is also capable of 0.65mW power operation while achieving a
1.00ps jitter and a -50dBc spur.
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3.1 Proposed DPLL System Architecture

To realize low-power, low-jitter and low-spur performances simultaneously in a fractional-
N DPLL, the selection of the architecture and the specifications of each building block
will be crucial in system level design. Fig./ 3.1(b) shows the most common way to realize
the sub-mW fractional-N DPLL [23, 24], it basically mimics the operation of the analog
sub-sampling operation [29–32]. In order to save the power consumption, CNT is com-
pletely shut down after phase locked [24] which equivalently means the FLL is turned off

in the analog sub-sampling PLL. This will potentially lead the PLL to lock to a wrong
frequency if the large frequency and phase disturbance are presented during its operation.
Another issue of [23, 24] is that the poor resolution of the TDC causes degradation on
in-band phase noise hence the jitter performance of the DPLL. Furthermore, the DTC
linearity limits the spur performance which needs the special technique to deal with [24]
and it consumes power as well as sacrifices jitter performance.

A detailed architecture-level block diagram of the proposed DPLL is shown in Fig.
3.2. To improve the in-band phase noise, a 4b 2ps-resolution TA-TDC [3] and a reference
doubler are implemented. The duty cycle issue of the doubler [33] is calibrated by us-
ing the method proposed in [34]. A proposed 10b isolated constant-slope DTC supports
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Figure 3.3: (a) DSM-based fractional controller. (b) Phase models of MMDIV and DTC.

the narrow-range TDC operation. Theoretically, with the assistence of the fine-resolution
DTC, the range of the TDC can be reduced to 1 bit. However, in prctice, 1-bit TDC
or BBPD will cause other issues. One issue is that it significantly degrades the locking
speed of the DPLL. Another improtant issue is that it degrades the calibratuion conver-
gency speed for the DTC as discussed in [3]. A multi-modulus divider (MMDIV) is
used to perform the phase accumulation and frequency division simultaneously. The fre-
quency/phase of DCO will be monitored by MMDIV, hence any phase/frequency change
will be reflected at TDC input. Both MMDIV and DTC are controlled by the DSM-based
controller [26].

Fig. 3.3 shows the implementations and the mathematic models of the DSM-based
fractional controller, MMDIV and DTC. In Fig. 3.3(a), FCWint+frac is separated into 7b
MSB (FCWint) and 16b LSB (FCWfrac). FCWfrac is modulated by a 1st-order DSM that
produces one bit output FDSM, and FDSM is added with the FCWint. As shown in Fig.
3.3(b), the phase domain model of MMDIV performs as an integrator. The FCWint +FDSM

is accumulated by MMDIV into 7b phase control code PCWint. Then, PCWint is multiplied
with 2π inside MMDIV where 2π is normalized to one DCO cycle, which produce the
integer phase φint = 2π · PCWint. The fractional frequency error (DSM quantization error)
Qfrac is extracted by subtracting FDSM from FCWfrac as shown in Fig. 3.3(a), then it is
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troller for low-power DPLL.

accumulated into fractional phase error PCWfrac by a digital accumulator. It is multiplied
with a 2π phase at DTC to acquire the fractional phase φfrac = 2π · PCWfrac. Finally,
φint and φfrac sum at DTC and produce the desired fractional feedback phase of φFB =

φint + φfrac = 2π · PCWint+frac. To realize fractional-N phase and frequency synthesis, the
reference (REF) phase φREF should be exactly equal to 2π·PCWint+frac. After phase locked,
the frequency will be automatically locked to FCWint+frac · fREF.

As compared with the 2nd-order DSM used in [26, 31], a 1st-order DSM-based ar-
chitecture can accept a much simpler digital implementation, which directly saves power
consumption and area. Furthermore, the higher order DSM-based controller will increase
the required dynamic range of the DTC [26, 31], and potentially increases jitter contribu-
tion. However, the higher order DSM randomizes the DTC control code, which spreads
the spur energy caused by DTC INL into a white spectrum which can be filtered by PLL
loop bandwidth. In order to discuss the power, jitter and spur trade-offs using the differ-
ent orders of the DSM, we compared the performance differences between the 1st-order
DSM and the 2nd-order DSM. As the DSM order increasing, the PCWint will jump larger
between each code, which increases the required DTC delay range. The 1st-order DSM
only requires a DTC with 2π range while the 2nd-order DSM doubles the required DTC
range to 4π. As a most commonly used DTC architecture shown in Fig. 3.5, it utilizes a
variable slope method for delay generation.



3.1 Proposed DPLL System Architecture 39

IN OUT

PMOS

NMOS

Cbank

Variable-slope Gen. Comparator

Figure 3.5: Variable-slope DTC.

As discussed in Chapter. 2.3.2, doubling the delay range DRDTC will halve INMOS. Eq.
(2.6) shows that it will also double the jitter contribution if INMOS is halved. This is a
trade-off between the delay range and jitter of the delay element such as a DTC. For the
low-power design, the jitter from each component should be optimized in consideration
of the power budget. For a system level estimation and a rough transistor-level simulation,
a worst case rms jitter of 0.7ps is expected at DTC output for the 1st-order DSM while
the rms jitter will become 1.4ps using the 2nd-order DSM. All blocks shown in Fig. 3.2
are modeled with pre-determined parameters, and only the DTC as well as the order of
the DSM are changed. The DTC INL is modeled in a sinusoid shape with a look-up table.
We sweep the relative INL of both DTCs, and record the rms jitter and the worst spurs
(in-band fractional spurs) of the DPLL as shown in Fig. 3.4. The DPLL loop bandwidth is
optimized to 600kHz at a 52MHz reference and the first in-band fractional spur is located
at 200kHz. At a very small INL, the 1st-order DSM case demonstrates around 190fs
better in rms jitter. This is expected because the periodic jitter is not dominant in output
jitter and the doubled DTC jitter contributes more to the output jitter in the 2nd-order
DSM case. However, when we increase the INL over 0.4%, the periodic jitter caused by
spurs becomes dominant and the output jitter in the 1st-order DSM case becomes worse
than in the 2nd-order DSM case. For achieving better FOM performance, the rms jitter
should be kept as low as possible, which motivate us using the 1st-order DSM. The INL
specification of DTC is from 0.05% to 0.4% which contributes to a 2.8dB improvement
in FOM for a 1mW operation of the DPLL. The difference in FOM will increase if the
DTC jitter becomes larger, which is a common situation in a noisy SoC environment.

To estimate the phase noise, both phase-domain and time-domain methods are used.
As shown in Fig. 3.6, there are four major noise contributors, i.e., TA noise, TDC
quantization noise, DTC noise and VCO noise. The well-known reference noise is in-
cluded in the TDC quantization noise. The red line shows the output phase noise of the
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fractional-N DPLL. The black line shows the time-domain simulation results of the pro-
posed fractional-N DPLL which operates at 2442MHz using a 52MHz reference clock.
The fractional spurs are expected to be at around 2MHz and its harmonics can be ob-
served in the figure as well. The time-domain simulation matches with the phase domain
simulation which proves to be a good estimation of the overall output phase noise. The
overall power consumption is estimated as 1mW at a 52MHz reference according to the
post-layout simulation.

To find out the FOM limitation using this architecture, let’s assume keep the jitter
remaining the same as in Fig. 3.6 of 430fs and calculate the minimum power consumption
of the major components which contribute jitters. Eq. (2.4), Eq. (2.5) and Eq. (2.6) are
used to calculate the minimum power of 30µW without considering the linearity. For
the minimum power of an oscillator, a FOM of -195dBc will results an power of around
60µW without considering the start-up condition. With very finer DTC resolution, TDC
range can be further narrowed to 1bit without considering locking speed to reduce the
power to 0µW. The power of digital circuits can be considered to be 0µW with advanced
technology. A 100µW is assigned for the doubler as in simulation. The total power will
be only 180µW and the theoretical limit for FOM will be -255dB.
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3.2 Proposed Isolated Constant-Slope DTC

3.2.1 Concept of Operations

Since the DTC linearity performance will greatly influence on the jitter and spur perfor-
mances of the proposed DPLL using a 1st-order DSM, the DTC design becomes more
challenging than TDC at a limited power budget. Constant-slope charging method is pro-
posed in [12] to mitigate the inverter-induced nonlinearity. It demonstrates a fundamental
improvement in the linearity of the delay generation over the conventional variable-slope
method [10, 26, 35] which generates delays by using variable slew-rate (SR) slopes at
the input of the inverter-based comparator. In the concept of the original constant-slope
DTC, the digital controlled delays are acquired by varying the starting voltages VST of
the slopes generated by a fixed current source. VST is acquired by pre-charging the load-
ing capacitor CL using a digital-to-converter (DAC) before the input signal triggering the
current source. Since the charging slopes across the inverter VTH,inv shares the same slew-
rate(SR), the inverter-induced nonlinearity will be mitigated [12]. However, in order to
acquire the desired jitter and delay range, the ratio of charging current and load capacitor
should be kept the same while their absolute values should be increased as explained in
Eq. (2.4) and Eq. (2.6). A significant amount of the energy EPreChg = CL · V2

ST/2 will be
consumed to acquire VST caused by a large load capacitance CL. Furthermore, because a
charge current cannot be fully turned on instantaneously, different VST will cause different
start-up behavior for a practical current source as explained in [12]. Any higher VST will
significantly degrade the INL of the DTC. The original constant-slope DTC consumes
almost 1mW power on DAC for VST settling at a 55MHz clock and utilizes a 1.2V for
current source VDD in order to achieve an INL of 0.15% [12].

Fig. 3.8 shows the proposed 10b DTC utilizing constant-slope method [21]. Instead
of varying the VST of the constant-slopes which will potentially distort the current source,
a ramp division architecture is adopted instead as shown in Fig. 3.8(b) whose VTH(n)
of the comparator is shifted. The comparator will output a corresponding edge at tn and
producing the delay of tn − t0. By always using the same ramp generated by a current
source, the linearity degradation from the current source will be mitigated and any higher
supply voltage is not required. Furthermore, the ramp information can be used for nearly
600mV/1V=60% comparing with only 200mV/1.2V≈17% in [12]. The VTH(n) is shifted
by isolating the pre-charge step with the comparing step by using a series capacitor CC

and DAC. CC is small enough not to degrade the pre-charge time on both sides of the CC

by DAC and Φ3. The reduced pre-charging capacitance can minimize the DAC power
consumption even in a high-speed operation. Another important issue raised from the
comparator, which essentially just a simple inverter in most of the state-of-the-art DTCs
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Figure 3.7: (a) Conventional constant-slope DTC (b) operations of the conventional
constant-slope DTC.

[10, 12, 26, 35]. As shown in Fig. 3.9, other circuits in the same supply line will cause
ripples because of the off-chip supply environment such as the series off-chip inductors
and resistors. Those ripples will remain because of the limited area for decoupling capac-
itor and limited power budget for on-chip regulators in IoT applications, and will strongly
couple to the threshold of the inverter-based comparator. The linearity will be greatly
influenced by the threshold variation and degrades the DPLL jitter performance when the
1st-order DSM architecture is utilized. In the proposed architecture, this issue is solved
by auto-zero switch Φ3 which mitigates the inverter VTH,inv offset every conversion, hence
greatly improves the INL.

Fig. 3.10 shows the conceptual operation of the proposed DTC. In pre-charge step as
shown in Fig. 3.10(a), the node A and node B of CC will discharge from the saturated
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Figure 3.8: (a) Proposed isolated constant-slope DTC (b) concept operation of the pro-
posed DTC.

voltage of previous slopes. Node A will discharge to the desired DAC voltage and node
B will discharge to VTH,inv. As we noticed that the pre-charge step is actually a discharge
process which causes no extra power consumption from DAC. The pre-charge speed will
be limited by the RDAC and CC. Because CC is small, RDAC can be chosen to be large to
minimize the power consumption from the DAC. In set step as shown in Fig. 3.10(b), the
Φ1 and Φ4 are closed to short node A to 0V. Node B will drop the same amount of voltage
which results in a new VST = VTH,inv − VDAC at inverter input. The conversion time of the
set step is minimized for not degrading the operation speed of the proposed DTC as well
as minimizing the leakage charge from Φ3. At the final step shown in Fig. 3.10(c), Φ1 is
closed and Φ5 is triggered by input rising edge. The current source starts to charge Cload

to acquire a ramp at node A from 0V to VDD, and node B will copy the ramp of node
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A while starting from VST generated by set step. The rising edge will reach the decision
point of the inverter-based comparator and produces variable delays. If we consider a
supply noise environment as shown in Fig. 3.9, a Vn,Supply is presented at the supply line.
The digital controlled VTH(n) can be written as:

VTH(n) = VTH,inv(tN+1) − (VTH,inv(tN) − VDAC(n))

= α( f ) · Vn,Supply + VDAC(n)
(3.1)

where α( f ) is a frequency dependent factor with a value of less than 1 and it also depends
on the difference between tN+1 and tN. Ideally, if tN+1 = tN, α( f ) will be 0. The variable
delay for each control code will be:

tn = VTH(n) ·
CL

Icurrent
= (α( f ) · Vn,Supply + VDAC(n)) ·

CL

Icurrent
(3.2)

Eq. (3.2) shows that the delay is no longer determined by the inverter threshold thanks to
the auto-zero function in an ideal condition.

3.2.2 Nonlinear Sources and Circuit Implementations

Since the linearity of the DTC affects both the rms jitter and fractional spurs of the pro-
posed DPLL, the linearity degradation from nonlinear sources should be minimized. The
detailed DTC core implementation is shown in Fig. 3.11(a). A cascode current source
is adopted to improve the current source linearity. As shown in Fig. 3.8(b), the slope
will be interpolated by VTH(n). Any nonlinearity in the slope will transfer to the DTC
INL. Long channel devices of MN1 and MN2 are chosen to minimize this error. Since the
utilized slope information as shown in Fig. 3.8(b) contributes most of the nonlinearity of
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Figure 3.10: Conceptual operation diagrams of proposed 10b isolated constant-slope DTC
(a) CL is isolated from DAC during DAC operation (Pre-charge step) (b) Charge in CC is
shorted to ground which set new VST at node B (Set step) (c) Constant slope with new VST

is compared in inverter(Compare step).

the proposed DTC, any improvement in the current source linearity will directly improve
the DTC linearity.

Another major nonlinear source is from the junction capacitors CPar1 and CPar2 at node
X and node B where all transistors connected to these nodes will contribute to CPar1 and
CPar2. CPara1(VX) will be negligible if CL is sufficiently larger and will not degrade the
INL. While as for CPar2, it acts as a voltage divider capacitor in series with CC. In other
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words, the slope at node B in the compare step will not follow the slope at node A exactly.
The waveform distortion at node B will degrade the INL of the DTC if the value of CC

is not properly sized. A large CC is desired to minimize the effect from CPar2. However,
a large CC will potentially increase the settling time and the power consumption of the
DAC, which limits the maximum operation frequency. CC is optimized to a value of
100fF when considering sufficient margin to cover PVT variations of the above issues.
Furthermore, the node A always drops from VDAC(n) to 0V, hence, CPar2 is a function of
VDAC(n), i.e., CPara2(VDAC(n)). This dependency limits the maximum output range from
DAC. In this design, an optimized range of 350mV is chosen for the better DTC linearity
when both the current source linearity and effects from CPar2 are considered.

One more major source of nonlinearity is from the leakage current Ileak of the auto-
zero switch Φ3 during set step. Φ3 is opened to hold VST values before the slope arrives.
However, due to the limited off-resistance roff of the CMOS switch, the current will leak
from node C to node B from the inverter’s supply. It charges CPara2 and CC simultaneously
and causes nonlinear error voltages at node B. This error is highly depending on VDAC(n)
as well as the operation time of the set step and compare step ( tN+1 − tN). To minimize
this error, two switches are implemented in series to increase the effective roff while the
tN+1 − tN is minimized to 1/10 of the DTC period. The shortened tN+1 − tN also contributes
to the supply noise suppression.

Last but not least is the nonlinearity from the 10b resistor-DAC (RDAC). 5b binary
code is designed for LSB to save the chip area, while 5b thermal code is designed for MSB
to maintain a good linearity. The mismatch of the resistors and the non-ideal reference
voltage will cause the linearity degradation of the RDAC. It will directly transfer to DTC
INL. Other non-major nonlinear sources such as charge sharing of CMOS switches can
be minimized by proper sizing of the transistors in simulations.

The detailed timing chart of the proposed DTC is shown in Fig. 3.11(b). During the
auto-zero switch is closed in pre-charge step, node B will be set to the inverter VTH1, which
is around 500mV. At node C, the voltage will also be shorted to node B and producing
a 500mV. If the second inverter VTH2 is also around 500mV, the DTC output OUT will
produce multiple zeros and ones due to the noise. To maintain a robust operation, an LVT
inverter, whose VTH= 300mV, is placed at the output of the DTC.

3.2.3 Simulation Results

The simulated results of the proposed DTC are shown in Fig. 3.12. In typical-typical
corner with 1.0V VDD and a temperature of 25°C, it achieves a 10b range of 560ps
with a 550fs resolution. The peak INL is 0.05% (200fs) at 52MS/s with 140µW power.
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Figure 3.11: Detailed circuit of (a) isolated constant-slope DTC and (b) its timing chart.
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Table 3.1: Comparison Table of The State-of-The-Art DTCs
This work [12] [35] [26] [10]

Architecture Isolated
constant slope

constant
slope

Variable
slope

Variable
slope

Variable
slope

Technology 65nm 65nm 65nm 65nm 28nm
Delay range 593ps 189ps 186ps 338ps 563ps
Resolution 580fs 185fs 4700fs 330fs 550fs

INL 870fs
(0.15%)

328fs
(0.17%)

1900fs
(1%)

3000
(1%)

990fs
(0.18%)

Worst Jitter 630fs 210fs 300fs 400fs 250fs
Supply Rejection Yes No No No No

Power(mW) 0.14
@52MHz

0.8+1.0
@55MHz

0.22
@48MHz

2.2
@40MHz

0.5
@40MHz

Other corner and temperature conditions are also applied as shown in Fig. 3.12(a) and
Fig. 3.12(c). The worst case is observed while using a 0.9V supply voltage as shown in
Fig. 3.12(b) because of the linearity degradation of the current source. The post-layout
Monte-Carlo simulations are performed as shown in Fig.3.13. This simulations indicate
a +450fs peak INL. To evaluate the effect from the supply noise, the deterministic jitter
variance σ2 with and without auto-zero offset switch are shown in Fig. 3.2.3 when noise
is added. In the post-layout simulation, 20mVpp sine waves with different frequencies
are applied to the supply of DTC core. The jitter variance as well as the corresponding
suppression in dB with and without auto-zero function are recorded. From the simulation
results, the suppression is larger if the supply noise frequency is lower. This matches with
the analysis from above Eq. (3.1). The smaller the noise frequency, the smaller will be
the VTH,inv(tN+1)−VTH,inv(tN). The simulated jitter of the DTC is around 560fs. The current
source contributes 82% of the jitter, while the other noise source, such as the DAC noise,
the switching noise and the inverter noise, contribute a total of around 18%.

The proposed isolated constant-slope DTC can be used in many applications other
than low-power fractional-N DPLL. For example, it can be used for ultra-low-jitter low-
spur fractional-N DPLLs. It can be also applied to time-domain ADCs and digital LDOs
which require highly-linear digital controlled delay units.
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Figure 3.12: Post-layout INL simulations of the proposed DTC with (a) Corner conditions
(b) Supply voltage variations (c) Temperature variations.

3.3 Circuit Implementation

3.3.1 Path-select TDC and TDC Gain Calibration

A path-select TA-TDC is implemented shown in Fig. 4.12. A BBPD derives the sign of
the phase error after TA, a path select logic is used to switch the up and down paths of
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TA output based on the results from BBPD. If TON leads TOP, the up-down switch will
be transparent for both signals. If TON lags TOP, the up-down switch will switch the two
signal paths to avoid outputting all zeros. The up-down switch function can make sure
both lead and lag conditions between TON and TOP quantized by a 3b 16ps-resolution
coarse TDC. At the output of the TDC, the quantizer output will be combined to 4b with
the BBPD output. As compared with [3] which adopted two 3b quantizers for the same
purpose, the path-select technique saves almost half of the power and area. Notice that in
order to properly switch up and down signals, the BBPD should output selection signal
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before TOP and TON coming to the up-down switch. While in practice, the BBPD takes
∆tBBPD to derive the selection signal. Two extra delays of ∆tSEL are added before two
inputs of the up-down switch. If ∆tSEL is longer than ∆tBBPD, TOP and TON can be properly
switched. However, the path mismatch introduced by two extra delays bring a time error at
0 code and cause INL degradation. The TA can minimize the time error using its gain. In
order to completely mitigate this issue, a constant offset code is added at the TDC output.
After phase locked, the TDC will not use codes around 0 to avoid the potential linearity
degradation. This constant offset is decided by the jitter of the DPLL itself. A post-layout
simulation of the path-select TDC shows a +50fs/-220fs peak INL with around 2.1ps/LSB
resolution.

As widely known, TA gain GTA is very sensitive to PVT variation [5, 6, 36]. GTA will
influence on the PLL phase noise in two directions, the first is the loop bandwidth and the
second is the in-band phase noise due to the quantization noise. As shown in Fig. 4.12,
the loop bandwidth can be compensated by LMS calibration [37]. However, the in-band
phase noise will be influenced by the effective resolution tres of the TDC [8], where in this
design it is the ratio between the resolution of the coarse TDC (a buffer delay) and GTA.
Hence, the in-band phase noise will not be improved by the LMS calibration of TDC gain.

In post-layout simulations of this work, a buffer delay varies from 16.3ps to 16.9ps
across the temperature variation from -40°C to 100°C while GTA varies from 9.7 to 6.2.
Hence, tres varies from 1.7ps/LSB to 2.7ps/LSB. In addition, buffer delay varies from
17.1ps to 16.1ps when supply varies from 0.9V to 1.1V while GTA varies from 9.0 to 7.0.
tres varies from 1.9ps/LSB to 2.3ps/LSB. If GTA is calibrated in both cases, tres will be
stabilized at around 2.1ps/LSB across the temperature and supply variations. However,
the TA gain calibration will not be effective to the corner conditions where tres will still
vary from 1.8ps to 2.5ps after calibration in FF and SS condition, respectively.
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Figure 3.16: (a) Conventional TA calibration (b) TA time-offset induced gain error.

The conventional TA gain calibration [6] is done by inserting a delay of ∆τ at input
and then computing the delay at the output. However, the process mismatch induced time
offset εTA will cause an extra gain error of GERR = εTA/∆τ. In a low power design of
the TA, εTA can be as large as ±140ps in a Mont-Carlo simulation. Due to the limited
linear amplification range of TA, ∆τ can not be too large. Hence, a ∆τ of 27ps will result
in a GERR of over ±65%, if a worst time offset is presented. The conventional offset
calibration [36] utilizes a replica TA to compute the offset time, but introduces the area
overhead and the mismatch between original TA and replica TA. In Fig. 3.17, a gain-and-
offset calibration is proposed. Firstly, εTA is calibrated by a 0 time delay at the input. The
output of TA should be 0 as well if εTA = 0. If εTA , 0, BBPD will detect the errors and
adjust the capacitor bank at TA output. After the offset calibration, the gain calibration
begins as shown in Fig. 3.17(b). By the proposed two-step calibration, the GERR will
be minimized from 64.5% to 6.25% in the simulation. Even though TA gain calibration
affects the linear range of the gain itself, a sufficient margin of the linear range is designed
to ensure a good linearity of the TDC within its quantization range in this work.

In Fig. 3.17(a), a gain-and-offset calibration is proposed. In the first step, εTA is
calibrated by a zero time delay at the input. The output of TA will also produce zero
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delays at the output if εTA = 0. If εTA , 0, BBPD will detect the errors and adjust the
5b capacitor bank attached to TA output. After the offset calibration, the gain calibration
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Figure 3.19: Schematic of the DCO, buffer and MMDIV.

begins as shown in Fig. 3.17(b). By the proposed two-step calibration, the GERR,jitter will
be minimized from 64.5% to 6.25% in the simulation. Since the GERR,jitter is reduced by
the proposed calibration, the jitter of the DPLL does not suffer from the GTA variation. A
complete TDC calibration engine is shown in Fig. 3.18. The gain error GERR,jitter is firstly
calibrated in the foreground because it is mainly induced by process mismatch. Then, the
loop gain error GERR,loop is calibrated though LMS running at background.

3.3.2 Reference Doubler and Duty Cycle Calibration

To improve the in-band phase noise, a reference doubler are implemented, as shown in
Fig. 3.19. The duty cycle issue of the doubler [33] is calibrated by using the method
proposed in [34]. The rising edge of the input reference is delayed by one-fourth of a
reference cycle, and the PD is used to detect the phase error of each edge. The digital
logic is used to adjust the delays of each edge to make perfect alignments. After duty
cycle calibration, the input and the output of the DL1 has a time difference of exact one-
fourth reference cycle delay. The XOR operation of the input and the output of the DL1
generates a doubled reference cycle.

3.3.3 Digital Controlled Oscillator

Fig. 3.20 shows the implementation of the digital controlled oscillator (DCO), DCO
buffer and the MMDIV. In order to consume a low current consumption while maintain-
ing a robust oscillation, a current reuse CMOS-type architecture is implemented with a
0.8V VDD. A 2.5nH inductor with a Q of around 20 is designed with EM verifications. In
post layout simulation, a 260µW is consumed to achieve a -115dBc/Hz at 1MHz offset at
the oscillation frequency of 2.44GHz. 4b coarse switched-capacitor bank and 6b medium
bank are implemented to cover a range of around 800MHz. A fine bank of 7b is designed



3.3 Circuit Implementation 55

Medium(6bit)

Coarse(4bit)

1

2

1281st-order

DSM

Decoder

127bit

Fine(10bit)

2/32/32/3

To DTC

MMDIV

3bit

7bit
Fine

(10bit)

VDD
VOP

VON

control

VON VOP

Bias

Figure 3.20: Schematic of the DCO, buffer and MMDIV.

for fine frequency and phase locking with a resolution of around 80kHz. To further im-
prove the fine bank resolution, a 3b 1st-order DSM is used to dither the LSB of the fine
bank, where the high frequency dithering clock is directly taken from the middle stage of
the MMDIV to save the power consumption from an extra high frequency divider. The
DCO buffer is a biased inverter with current source, the bias is controlled to improve the
buffer current efficiency. The post layout simulation shows the buffer power of a 30µW
and the MMDIV of a 98µW when 0.8V supply is applied.

3.3.4 Coarse PLL Loop

For narrow-range TDC, the phase-locked time is generally very long when a large fre-
quency error is presented. For a DPLL with a bang-bang PD [26], a 1ms is reported for
phase lock in case of large frequency step. A lock time of around 40µs is required for
a TDC with 16ps range even no frequency error is presented [3]. In DPLLs using the
narrow-range TDC [23, 24, 38], the frequency locked loop is shut down for further saving
power consumption, which makes the loop easily suffer from large frequency and phase
jump.

In our design, to lock the frequency of DPLL, a 4b coarse bank of the DCO with
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Figure 3.22: Simulated lock transient of the proposed coarse-DPLL.

a resolution of 50MHz/LSB is controlled by auto frequency control (AFC) function.
The rest of the frequency error will be covered by a medium bank with a resolution of
1.25MHz/LSB, and a fine bank with a resolution of 7kHz/LSB thanks to the dither opera-
tion of DSM. However, even the frequency is locked very closed to the desired frequency,
the large phase error may present at the narrow-range TDC. The narrow-range TDC will
be saturated, and an open-loop gain will become zero. The saturated narrow-range TDC
will degrade the converge speed of main PLL. In our design, an always-on coarse-DPLL
shown in Fig. 3.21 works simultaneously with the main PLL loop. A dead-zone logic is
inserted after the phase/frequency detector (PFD) which produces an enable signal to the
counter running at DCO frequency. When the magnitude of the phase error is larger than
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the dead-zone of 64ps, the counter will be triggered by EN signal which has the same
length of the phase error. The 4b narrow-range TDC will be saturated by the large phase
error and the main PLL will be idle. When the phase error is sufficiently small and within
narrow-range TDC quantization range, the main loop will dominate the phase lock of the
residue phase error. The EN signal is low after the phase locked and the counter will stop
working. The coarse loop filter will be automatically disabled and the gating logic will
minimize the digital power consumption from the loop filter. Since this loop will never
be turned off, the DPLL will not suffer from the sudden large frequency and phase jump.
The simulated power consumption of the coarse-DPLL is 5µW after phase locked. The
transient simulation result of the coarse-DPLL is shown in Fig. 3.22. A frequency error
of 13MHz is assumed before phase locked, the coarse-DPLL only takes 3µs to assist the
main PLL frequency and phase locking process.
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Figure 3.25: (a) Measurement result of the proposed DPLL w/o reference doubler (b)
Measurement result of the proposed DPLL w/ reference doubler.

3.4 Measurement Results

The proposed fractional-N DPLL prototype was fabricated in a 65nm CMOS process.
The chip photograph of the fractional-N DPLL is shown in Fig. 3.32. The proposed



3.4 Measurement Results 59

26MHz REF w/o Doubler

FCW: 94.000244

Jitter: 1.35ps

-20

-30

-40

-50

-60

-70

-80

-90

-100

-110

-120

-130

-140

-150

-160

-170

-180
1k 10k 100k 1M 10M

(a)

-20

-30

-40

-50

-60

-70

-80

-90

-100

-110

-120

-130

-140

-150

-160

-170

-180

1k 10k 100k 1M 10M

-20

-30

-40

-50

-60

-70

-80

-90

-100

-110

-120

-130

-140

-150

-160

-170

-180

1k 10k 100k 1M 10M

26MHz REF w/ Doubler

FCW: 47.000122

Jitter: 594fs

(b)

Figure 3.26: (a) Measurement result of the proposed DPLL w/o reference doubler with in-
band fractional spur (b) Measurement result of the proposed DPLL w/ reference doubler
with in-band fractional spur.
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Figure 3.27: Measurement result of the fractional spurs vs spur frequencies.

10b isolated constant-slope DTC and path-select TDC are also fabricated in 65nm CMOS
process as individual test circuits for INL measurement. In Fig. 3.23, the path-select TDC
realized a 4b with 2.15ps resolution at 52MS/s. The peak INL is around 0.65ps thanks
to the reduction of TDC range by the assist of DTC. The linear operation of the TA and
TA gain also helps to reduce the linearity degradation coming from the coarse quantizer.
Sub-ps resolution DTC is not easy to measure due to the finite sampling frequency of the
oscilloscope. A frequency-domain based measurement method was introduced in [39].
Fig. 3.24 shows the measurement results of the proposed 10b DTC. The DTC achieves a
580fs time resolution with a peak INL of 0.87ps. It corresponds to an effective resolution
of 9.4b in terms of linearity performance, and the DTC only consumes 140µW at 52MS/s.
The detailed comparison of the proposed DTC with the state-of-the-art DTC is listed in
Table 3.1. Among the DTC architectures, our proposed DTC achieves the best linearity
while consuming the lowest power consumption.

The fractional-N DPLL is measured under one of the BLE channels at 2442MHz as
shown in Fig.3.26. To save the power consumption, reference doubler is bypassed by the
MUX logic. The 26MHz reference is directly used for DTC, TDC and digital circuits. The
phase noise plot is shown in Fig. 3.26(a) and an integrated jitter from 10kHz to 10MHz
of 1.00ps is achieved. The measured fractional spurs are shown in Fig. 3.27 by sweeping
the FCW. A worst-case spur of -50dBc is achieved without reference doubler. The power
consumption is extremely low for the achieved spur and jitter performances, which can be
adopted to BLE applications. To boost the effective resolution of the TDC by increasing
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Figure 3.28: (a) Measurement of the TA gain calibration under voltage variations (b)
Measurement of the TA gain calibration under temperature variations.

the sampling frequency, reference doubler is utilized. Fig. 3.26(b) shows the phase noise
plot at the same BLE channel of 2442MHz. An integrated jitter of 535fs is achieved.
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The integrated phase noise from 10kHz to 10MHz is -44dBc, which is demanded for
IEEE802.11b/g/n applications. When a small FCW of 47.000112 is used, the measured
worst integrated jitter is 590fs. However, for the target applications, such as BLE and
Wi-Fi, such a small fractional number is not required. A worst fractional spur of -56dBc
is measured as shown in Fig. 3.27 with the reference doubler.

The detailed power breakdown of each building block in the signal path of the pro-
posed DPLL is shown in Fig. 3.30. The supply voltage for DTC and TDC are 1.0V to
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maintain a good linearity. A 0.8V supply are assigned to the DCO and the digital parts,
which include the DCO buffer, MMDIV and the synthesized digital circuits, in order to
keep a low power consumption. At a sampling rate of 26MS/s, the DTC and TDC con-
sumes 98µW and 80µW. The DCO bias is optimized for very low power operation of
285µW. The digital parts consume 190µW with a 20µW calibration. The total power is
0.65mW for the jitter performance in Fig. 3.26(a). For a sampling rate of 52MS/s, the
DTC and TDC consumes 142µW and 140µW. An additional power of 112µW from the
reference doubler is consumed to double 26MHz to 52MHz with a 1.0V supply. The
DCO bias is optimized for achieving a better out-of-band phase noise. The digital parts
consumes 283µW with a 40µW calibration. The total consumed power is 0.98mW for the
jitter performance in Fig. 3.26(b).

To demonstrate the effectiveness of the proposed TDC gain calibration, in-band phase
noises under voltage and temperature variations are measured as shown in Fig. 3.28. The
phase noise of DPLL in integer-N mode with wide loop-bandwidth is measured where
the in-band phase noise is purely decided by the TDC resolution. When the supply varies
from 0.9V to 1.1V, as shown in Fig. 3.28(a), the in-band phase noise at 500kHz offset fre-
quency degrades around 2.5dB. While after the proposed gain calibration, the phase noise
at 500kHz offset frequency varies only 0.5dB. When increasing the temperature from -
40°C to 80°C, as shown in Fig. 3.28(a), the in-band phase noise varies from -112dBc/Hz
to -108dBc/Hz at 500kHz offset frequency without the calibration scheme. The in-band
phase noise varies from -111dBc/Hz to -109dBc/Hz at 500kHz offset frequency with the
calibration.

Fig. 3.29 shows the measured phase locking transient of the DPLL. A 13MHz fre-
quency error is an input to the FCW of the DPLL, which is over twice of the entire
frequency coverage of the DCO fine bank. With the help of the proposed coarse PLL,
a measured lock-up time of 4.2µs is achieved when the DPLL locks to the 54kHz away
from the target frequency. The fast phase converges speed can be adopted in frequency
hopping applications [40] such as BLE. The frequency hopping will cause the LMS cali-
bration of the DTC gain to re-lock again for the new synthesized frequency. The simulated
re-lock time for the LMS calibration takes less than 15µs to converge to a 0.3% gain error
with 13MHz frequency jump. However, even if the LMS does not converge to the final
value, the PLL will still lock to the target frequency without any issue while the fractional
spur will be degraded during settling. The detailed performance comparison with the
state-of-the-art fractional-N DPLLs are shown in Table3.2. Fig. 5.2 compares the FOM
performance when only fractional-N DPLLs under 5mW are included. The proposed
DPLL achieves a 10dB better FOM than the conventional sub-mW DPLLs.
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Table 3.2: Comparison Table of The State-of-The-Art fractional-N DPLLs
Reference This Work [22] [23] [24] [25] [3] [26]

Technology 65nm 28nm 40nm 40nm 28nm 65nm 130nm

Architecture
Isolated

constant-slope
DTC + 4bit TDC

Full range
TDC

VS*-DTC
+TDC

VS-DTC
+TDC

VS-DTC
TDC

VS-DTC
+TDC

VS-DTC
+BBPD

Ref. frequency
(MHz)

26
w/

Doubler

26
w/o

Doubler
40 32 N.A. 40 50 40

Frequency
(GHz) 2.0-2.8

2.05
-2.55

2.1
-2.7

1.8
-2.5

2.7
-4.33

4.4
-5.2

2.9
-4.0

Integrated
jitter(ps) 0.53 1.00 0.86 1.71 1.98 0.16 0.49 0.56

In-band
fractional spur

(dBc)
-56 -50 N.A. -37 -56 -54 -51.5 -42

Power(mW) 0.98 0.65 1.6 0.86 0.67 8.2 3.7 4.5
Ref.

spur(dBc) -72 -68 -78 -70 -62 -78 -69 -72

FOM(dB) -246 -242 -239.3 -236 -236 -246.8 -240.5 -241.3
Active area

(mm2) 0.23 0.33 0.2 0.18 N.A. 0.22 0.22

*Variable slope.
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Figure 3.31: FOM comparison with the state-of-the-art fractional DPLLs under 5mW.

3.5 Fractional-N DPLL Towards 200µW

As referred to Fig.3.30 and Fig.4.31, the power consumption from the low-power fractional-
N DPLL is still a significant portion of the whole TRX power consumption. Further
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reduction is needed. In the power consumption measurement of Fig.3.30, The DTC is
still consumed a significant amount of power because of the fore-mentioned delay range,
power and jitter trade-offs. Most of the power is consumed by the current source due to
the slope generation [12] as shown in Fig.3.33. However, we can observe that after the
comparison, the current still charges the load capacitor which consumes power. This pe-
riod of the generated slope is not required for the delay generation at all. The redundant
charging wastes the energy. We can minimize the power consumption by the cut off the
current source after comparison finished. As calculated, this method will cut out 33% of
the overall power consumption.

The digital circuits power also dominates the power. The most energy consuming part
comes from the MMDIV due to the high-frequency operation of the first two stages. If
MMDIV can be removed, about 100µW can be reduced. Sub-sampling PLL architec-
ture could be considered by directly sample the DCO edge at TDC input. However, lose
MMDIV means the frequency and phase locking process will be affected by lack of the
phase and frequency translation. Any large frequency and phase change will cause a slow
locking process of the PLL without MMDIV. This challenges the design of the frequency
and phase assisted blocks to speed-up locking process. To achieve 200µW power con-
sumption, the reference clock should be lowered to further reduce TDC, DTC, and digital
circuits power. A potential solution would be combining the fractional-N subsampling
DPLL and the fractional-N sampling DPLL. The sampling mode can be used for assisting
the phase locking. After the sampling DPLL locks the phase, the loop can be automati-
cally switched to a subsampling mode, which removes the power consumption from the
MMDIV.
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Figure 3.33: Conventional constant slope DTC.

Last but not the least is to cut the power consumption from the oscillator. The lowest
power consumption is decided by the inductor quality factor and the gm we can be realized
by the active components. If the quality factor is too low for the passive components,
the small current cannot guarantee the startup condition. To increase the gm, a higher
current is required. By reduce the supply voltage and increase the transistor size is the
most obvious way to increase device gm. However, the large transistor will create more
parasitic capacitors which degrade the maximum oscillation frequency. The gm boosting
technique may also be considered while the transformer design will deteriorate the quality
factor further.

3.6 Conclusion

To realize sub-mW fractional-N DPLL with low jitter and low spurs, the 1st-order DSM-
based fractional controller works in conjunction with a highly linear DTC is introduced.
The rms jitter can be improved comparing to using higher-order DSM while a DTC with
high linearity is required. To realize a linear and high-energy efficient DTC, an isolated
constant-slope method is proposed. Thanks to the isolated operation of DTC, the proposed
DTC can potentially work at a high sampling frequency with small power consumption
while maintaining good linearity with high energy efficiency. Furthermore, the auto-
zero offset switch mitigates part of the supply noise, which can improve the linearity in
SoC environment. The proposed fractional-N DPLL achieves good fractional spurs while



3.6 Conclusion 67

maintaining a low jitter performance and low power, which proves the linearity and power
efficiency of the DTC. The gain calibration of TA demonstrates a steady in-band phase
noise of the DPLL over the temperature variations. The measurement of lock time proves
the effectiveness of the always-on coarse PLL in the feedback loop.
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Chapter 4

Bluetooth Low Energy Transceiver
Using Digital PLL

In a wireless world, the radio frequency (RF) transceiver (TRX) plays a major role in
connecting devices over the air. Because the TRX consumes a significant amount power
in a wireless chip, an ultra-low-power (ULP) operation is especially important in Internet-
of-Things (IoT) applications. Bluetooth Low-Energy (BLE) is one of the most popular
wireless standards for IoT applications. BLE TRX requires a very long battery life, which
means its power consumption should be minimized as much as possible. In addition, a
low receiver (RX) sensitivity is needed in order to increase the communication range.
The BLE RX should also tolerate strong interference in order to keep working even in a
crowded wireless environment.

Low-IF and zero-IF architectures [41–43] are among the most common architectures
for modern narrow-band RXs, as shown in Fig. 4.1(a). They achieve excellent sensitivity
and blocker tolerance by utilizing both I and Q channels to demodulate the Gaussian
frequency-shift keying (GFSK) data. They also correct the carrier frequency offset in a
short period of time due to the I/Q operation. This is very improtant for TDD system that
usually has short preamble. However, using both of the branches consumes significant
amounts of power and area. Sliding-IF (SIF) is another popular architecture for low-
power design, although this architecture causes severe image problems [44–47]. Ref. [48]
proposed a hybrid-loop receiver to improve the blocker tolerance from the SIF phase-to-
digital converter (SIF-PDC) architecture [44]. PLL-based phase tracking demodulator
can be implemented to demodulate the 2-FSK signal, as shown in Fig. 4.1(b). A mixer is
used as a phase detector to detect the phase/frequency variation from the RF input. The
loop filter of the PLL after the phase detector can be reused as the low-pass filter for the
reciever to reject the noise and the blockers. The control voltage from the loop filter shows
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the frequency variations from the input RF signal, which represents the desired basedband
data. Finally, 0/1 data can be extracted by analog processing. The analog demodulation
saves area and power from the RX. However, due to the narrow BW operation of the PLL
loop, the dynamic range of the PLL-baed demodulator is low. This significantly limits
the sensitivity level. Also, the VCO phase will track the input signal frequency, which
results a poor phase noise. This degrades the blocker performances due to the reciprocal
mixing effect. Furthermore, due to the stability of the PLL, the order of the loop filter
can not be high, which limits the blocker performance as well. In Fig. 4.1(c), a digitally
controlled oscillator (DCO)-based phase-tracking RX is proposed [49] to improve the
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power efficiency by adopting the single-path demodulation method, which is similar to the
architecture shown in Fig. 4.1(b). This RX increase the digital . It takes the advantages
of the digital process in CMOS technoledgy. However, the issues are similar to its analog
version as explained in [50].

In order to realize single-path downconversion demodulation, the GFSK constellation
is transformed into a differential phase-shift keying (DPSK) constellation at the RX mixer
output by shifting the RX local oscillator (LO) frequency by 250 kHz from its carrier fre-
quency [48]. A digital PLL (DPLL) is used as an LO, and an analog-to-digital converter
(ADC) is used to digitize the analog-baseband (ABB) data from ADC path, as shown in
Fig. 4.2(a). This mitigates the power consumption from the Q-channel and two ADCs.
However, the signal-to-noise plus distortion ratio (SNDR) of the ADC path suffers from
highly-nonlinear varactor gain as well as gain variation due to process, voltage, and tem-
perature (PVT) variation. The RX sensitivity level and the interference tolerances are
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degraded due to the SNDR degradation of the ADC path. The RX also suffers from an
unknown carrier phase by using only I-channel for data demodulation, which decreases
the signal-to-noise ratio (SNR) of the demodulated data. Furthermore, the ADC path con-
sumes a lot of power from the time-to-digital converter (TDC) because of its linearity and
resolution requirements.

In the present study, we attempt to address the above issues by the proposed tech-
niques. These techniques are verified by presenting a 2.3-mW BLE RX achieving a sen-
sitivity of -94 dBm with all blocker performances satisfied, and a 5.0-mW single-point
direct frequency-modulation (DFM) TX with an FSK error of 1.89% at an output of 0
dBm in a 65-nm CMOS process. The digital-to-analog converter (DAC) feedback path
is proposed in the DPLL-based ADC to mitigate the linearity degradation and the gain
variation from the varactor. This greatly improves the dynamic range of the DPLL-based
ADC as shown in Fig. 4.2(b). As such, the RX sensitivity level and the interference toler-
ance performances are improved. Digital-to-time converter (DTC)-assisted fractional-N
DPLL is implemented. Thanks to the reduced range of the TDC by utilizing a DTC,
the TDC achieves a fine resolution with low power consumption, which improves the
in-band phase noise. The highly-linear constant-slope DTC operation ensures a good
fractional spur performance. A 5-MHz bandwidth (BW) is realized by utilizing the pro-
posed loop-latency reduction technique. The single-path demodulation is supported by a
phase-and-frequency synchronization loop in the digital domain when carrier frequency
offset is presented.

4.1 DPLL-Centric Receiver

4.1.1 DPLL-based ADC with Dynamic Range Enhancement

The dynamic range of the DPLL-based ADC has considerable influences on the sen-
sitivity level and the blocker tolerances in the hybrid-loop architecture, so, it needs to
be improved. The DPLL-based ADC uses an oscillator and a varactor as a voltage-to-
frequency (V2F) converter, and the DPLL performs as a frequency and phase quantizer.
Fig. 4.3(a) shows the conventional implementation of the DPLL-based ADC [48]. Fig.
4.3(b) demonstrates the concept of the digitization process, the ABB data VABB modu-
lates the varactor in the oscillator. If the oscillator is free running, VABB will produce a
frequency disturbance of KVCO · VABB. However, due to the negative feedback operation
of the DPLL loop, the DPLL could sufficiently suppress this disturbance and correct it
at the digital capacitor bank (PLL path). The compensated frequency of KDCO · DOUT

almost equals KVCO · VABB. Hence, DOUT can be used as ADC data. In addition, the
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KDCO · DOUT cancels KVCO · VABB, which produces a stable oscillator output frequency
of fOSC = KVCO · VABB − KDCO · DOUT + fLO ≈ fLO. Hence, fOSC can be used as a local
oscillator (LO), as shown by the LO path in Fig. 4.2(b) as well. The relation between the
amplitude of the input VABB and the output DOUT is:

|DOUT| =
∣∣∣KVCO

KDCO
· VABB

∣∣∣ (4.1)

The voltage-to-digital (V2D) conversion strongly depends on the varactor gain KVCO

and the digital capacitor bank gain KDCO. This operation is conducted in an open-loop
manner from an ADC viewpoint and easily suffers from the non-ideality of the loop com-
ponents. One of the major problems comes from the non-linearity of the varactor at VABB

input, as shown in Fig. 4.3(b). Because of the full-range output from a programmable
gain amplifier (PGA), the varactor gain varies a lot as the input voltage changes. The
conversion spurious-free dynamic range (SFDR) is degraded due to the intermodulation
distortion (IMD) and the harmonic distortion (HD) when performing V2F conversion.
Moreover, the DC voltage of VABB also influences the SFDR as the linearity becomes
much worse at both ends. From Eq. (4.1), a larger KVCO is desired for achieving a better
SNR of V2D conversion. However, the larger the KVCO is, the worse the linearity will
be. Furthermore, the varactor gain variation due to the PVT potentially degrades the SNR
performance. As a result, the dynamic-range of the DPLL-based ADC is greatly degraded
due to the open-loop operation. For achieving better V2F linearity, a varactor array can
be implemented with resistor-interpolated voltage biases [48]. Sixteen varactor banks are
used to achieve a KVCO of 800kHz/V, which consumes a large chip area and produces the
large parasitic capacitance of the LC oscillator. In simulation, an SFDR of only 44dB is
achieved by this linearization technique, and the SFDR will become worse under PVT
variation.

As shown in Fig. 4.4(a), the proposed DPLL-based ADC works in a closed-loop
manner. A DAC is connected to the output of the DPLL, a pre-distortion signal of VFB is
fed back to the varactor input. Then, VABB is subtracted with VFB by a signal adder at the
varactor input. Due to the negative feedback of the DPLL, the loop forces VFB ≈ VABB.
The voltage range of VABB is attenuated to Vtune = VABB − VFB at the varactor input, as
shown in Fig. 4.4(b). If the DPLL BW was very large, due to the large feedback gain
of the DPLL, Vtune will be forced to be a DC value. Hence, the V2D conversion is not
degraded by the varactor non-linearity. The DAC feedback path also performs as a PLL
path and locks the oscillator phase to the reference for acquiring better phase noise. The
digital capacitor bank path is used as a frequency locked loop (FLL) to lock the frequency
at the correct BLE channels and will be turned off after the frequency is locked. This
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diagrams.

ensures that the DC voltage of the DAC is always around 0.5V [26].

Fig. 4.5 demonstrates the operation principles of the proposed DPLL-based ADC.
The frequency of the DPLL is locked to the required LO frequency of fRX,LO at LO path,
the VABB is extracted from the VRF signal by the downconversion mixer, a low-pass filter
(LPF), and a PGA. The VABB is input to the DPLL-based ADC at the ADC path, and is
digitized to DOUT. In Fig. 4.5, two loops are presented for the downconversion process and
the digitization process. The downconversion loop consists of a mixer, an LPF, a PGA,
and an oscillator. The PGA output of VABB will control the oscillator frequency though an
input varactor. The oscillator frequency is also controlled by the negative feedback loop of
the DPLL. The downconversion loop and the DPLL independently control the oscillator
frequency to be synchronized with each input. Conflicts will occur if both loops have
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comparable BW. Analysis in [48] shows that the DPLL with a wider BW than that of the
LPF can properly stabilize two loops, i.e., a stabilized fRX,LO can be realized. However,
excessively increasing the BW of the DPLL will decrease the stability of the DPLL due
to the limited sampling frequency and the loop latency. This will cause a large peaking
near the DPLL BW which degrades the phase noise.

As shown in the discrete-time model of the proposed ADC path in Fig. 4.5, the var-
actor input voltage is Vtune and the quantization noise of the DPLL quantizer is Qn. We
have:

DOUT

VABB
=

HOL,DPLL(z)
HOL,DPLL(z) + 1

=
T 2

REFKOSC(KP(1 − z−1) + KI)
tRESN(1 − z−1)2 + T 2

REFKOSC(KP(1 − z−1) + KI)

(4.2)
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DOUT

Qn
=

1
HOL,DPLL(z) + 1

=
tRESN(1 − z−1)2

tRESN(1 − z−1)2 + T 2
REFKOSC(KP(1 − z−1) + KI)

(4.3)

HOL,DPLL(z) is the open-loop transfer function of the DPLL, N is the divide ratio of the
frequency divider, and tRES is the time-resolution of the TDC.

Eq. (4.2) is the signal transfer function (STF) of the proposed ADC with a low-pass
characteristic that has the same BW as the DPLL, as shown in Fig. 4.6. In Eq. (4.2),
the factor of KVCO/KDCO is removed, as compared with that in Eq. (4.1). The varactor
gain dependency for DOUT is completely mitigated by this closed-loop operation. Eq.
(4.3) shows the noise transfer function (NTF) of the proposed ADC, which has a high-
pass characteristic up to the DPLL BW. The NTF has a 2nd-order noise shaping around
the DC to provide more suppression of the quantization noise. We can also write the
attenuation factor from the signal input VABB to the varactor input Vtune:

Vtune

VABB
=

1
HOL,DPLL(z) + 1

=
tRESN(1 − z−1)2

tRESN(1 − z−1)2 + T 2
REFKOSC(KP(1 − z−1) + KI)

(4.4)

Since the DPLL has a finite BW, the Vtune still has some amplitude instead of a DC value.
As the signal frequency becomes higher, the attenuation will be smaller as shown in Fig.
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4.6. Therefore, a wide-BW DPLL is preferred in order to help reduce the amplitude of
Vtune. This mitigates the varactor non-linearity and improves the SFDR performance of
the ADC. The BW of the DPLL is decided by considering the required linear range of
the varactor and the phase margin (PM) of the DPLL at a large BW. Fig. 4.7 shows the
simulated results of the required linear range for the varactor. As explained by Eq. (4.4),
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a larger BW of the DPLL can help reduce the required linear range from the varactor. For
VABB with a maximum peak-to-peak amplitude of 500 mV at 750 kHz, the attenuation of
VABB is very weak for a DPLL BW of 1 MHz. This results in a linear range requirement of
280 mV for the varactor. The required range can be decreased to 80 mV at the DPLL BW
of 5 MHz. Ideally, this range can be realized by a single varactor without the linearisation
techniques. However, as the DPLL BW keeps increasing, the PM will be degraded. In
the present study, the DPLL BW is designed to be 5 MHz and an estimated PM of 70°
ensures the stability of the DPLL with sufficient margin. Another advantage of wide-BW
operation is the attenuation of the adjacent interference outside the baseband signal BW.
If the BW is narrow, the LO frequency fRX,LO may be pulled to the blocker frequency due
to the large signal strength of Vtune. Fig. 4.8 shows a schematic of the proposed DAC
feedback path, in which a resistor DAC (RDAC) is used to convert DOUT to the analog
signal. An operational amplifier (OPA) is used to perform the linear addition at node X,
and the common-mode voltage of Vtune is set to VCOM. The RDAC converts the varactor
gain of KVCO into the digitally controlled gain of KOSC. A large KOSC will degrade the
quantization noise of the oscillator [51] which worsens the phase noise of the DPLL. A
reduced KVCO will help reduce the required bits of the RDAC. However, a smaller KVCO

will cause a smaller frequency coverage. If the DPLL suffers from a large frequency drift,
it will easily fail to lock. On the other hand, the quantization noise from the RDAC will
also degrade the SNR of the DPLL-based ADC. From simulation results of DPLL-based
ADC, an 8-bit RDAC is enough for achieving a SNR of 48 dB. The 8-bit RDAC convert
the optimized KVCO of 4 MHz/V into digitally controlled gain of KOSC=4 MHz/V×2−8

V/LSB=16 kHz/LSB for minimizing the phase noise degradation. The thermal noise from
the RDAC is small enough and will not degrade the phase noise of the DPLL. Because
the distortions result from the nonlinearity of the RDAC will appear directly at the ADC
output. It is desired to have a good linearity of the RDAC to improve the SFDR of the
ADC. For the process used in this work, an 8-bit RDAC with over 54-dB SFDR can be
applicable when delivering an output of 500 mVpp. The DPLL BW is calibrated by the
least mean square (LMS) algorithm in the background, as shown in Fig. 4.4(a). After
calibration, HOL,DPLL(z) will be maintained constant, regardless of the KOSC variation, and
the SNR of the V2D conversion will no longer suffer from the varactor gain variation
caused by PVT in the conventional open-loop design.

The linearity improvement with the proposed DAC feedback is validated by carrying
out IMD simulations of the V2F conversion gain on the non-ideal model shown in Fig.
4.9, the results of which are shown in Fig. 4.10. The non-linear DAC shown in Fig. 4.9 is
modeled using curve fitting from post-layout simulations. It must be noted that the effects
of noise are not included in the aforementioned model in order to ensure accurate char-
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acterization of the DAC non-linearity. For characterizing the non-linearity of the DAC,
IMD simulations are carried out with two ideal sinusoidal test signals (VTEST), each with
an amplitude of 250 mVpp. Without the proposed DAC feedback (excluding the shaded
DAC Feedback block in Fig. 4.9), the presence of a non-linear varactor with large input
amplitude limits the linearity of the V2F conversion gain. This is evident from the IMD2
and IMD3 simulation results on the V2F conversion gain shown in Fig. 4.10(a). For
evaluating the V2F conversion gain linearity with the proposed DAC feedback, the DPLL
model is included as an ideal delay cell with a delay value based on system simulation.
The simulation results based on an ideal DAC is shown in Fig. 4.10(b), which shows
a significant improvement in V2F conversion gain linearity with 22 dB improvement in
IMD2 and 30 dB improvement in IMD3 as compared to the system without DAC feed-
back. However, DAC also contributes nonlinearity in the feedback path. The simulated
non-linearity of the non-ideal DAC is presented in Fig. 4.10(c) and the simulation carried
out using this non-ideal DAC feedback reveals that the V2F conversion gain linearity is
limited by IMD2. However, the degradation in IMD2 while using the non-ideal DAC as
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compared to the ideal DAC is observed to be under 4 dB in the simulation results pre-
sented in Fig. 4.10(d), which is still 18 dB better as compared to the system without DAC
feedback. Note that the linearity degradation from the DAC will not significantly degrade
the SNDR performance of the DPLL-based ADC.

To gain a more detailed look at the DPLL quantizer, a detailed phase domain block
diagram is shown in Fig. 4.11(a). Conventionally, only TDC is used as the phase quantizer
inside the DPLL [52]. The LC-oscillator consists of a voltage-to-phase (V2P) portion and
a digital-to-phase (D2P) portion. The V2P portion will convert the input VABB to ΦV2P,
and the D2P portion will convert DOUT to ΦD2P. ΦV2P will be subtracted by ΦD2P, which
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will produce a phase variation of ΦOSC at the LC oscillator output. In order to realize
fractional frequency synthesizing at the BLE channels, the fractional controller is used
to dither the multi-modulus divider (MMD) to generate the target fractional phase of
N. f · 2π, where 2π represents one DCO period. This dither operation generates a large
peak-to-peak quantization noise of ΦQ,DIV = 2π, and introduces a large output phase error
ΦTDC = ΦOSC + ΦQ,DIV at TDC input as shown in Fig. 4.11(b). Therefore, a TDC range of
over 2π is required. Just like ADC, the TDC will consume a significant amount of power
due to the resolution and linearity requirement. The poor resolution of TDC will degrade
the in-band phase noise, and the nonlinearity of the TDC will produce in-band fractional
spurs. The adjacent channel rejection (ACR) performance will be degraded by the in-band
phase noise and fractional spurs due to reciprocal mixing [53]. In this design, a wide BW
is required for the DPLL, which requires a spur level of less than -40 dBc and a phase
noise of less than -99 dBc/Hz at 3 MHz offset when considering the most stringent ACR
performance at 3 MHz from system simulations. To maintain a sufficient design margin,
a 5 MHz-BW DPLL with a worst-case fractional spur of -50 dBc and a -110 dBc/Hz in-
band phase noise will require a resolution of 2.5 ps and a normalized integral nonlinearity
(INL) of less than 0.5%, according to the system simulation. These requirements will
easily cause a power consumption of more than 1 mW for TDC alone [8]. However,
from simulation results, an input signal (VABB) with 500 mVpp will only produce a ΦOSC

with a maximum phase variation of 0.2π. A TDC with a range of 2π causes a waste of
TDC range and greatly degrades the power efficiency of the DPLL-based ADC. Since the
TDC resolution and linearity are both important for both ADC operation and fractional-N
DPLL operation. The TDC resolution and linearity should be enhanced with less power
overhead. In the present study, a digital-to-time converter (DTC) is used to reduce the
required TDC range [23, 24, 26, 54] as shown in Fig. 4.12(a), which helps improve the
resolution and the linearity of the TDC without power overhead. The fractional controller
will produce a pre-distorted phase signal that copies ΦQ,DIV and will control the DTC to
produce ΦDTC. The DTC will add a quantization noise of ΦQ,DTC to its output. As a result,
the input at TDC will be ΦTDC = ΦOSC + ΦQ,DIV − ΦDTC + ΦQ,DTC = ΦOUT + ΦQ,DTC.
Since ΦQ,DTC is much less than ΦQ,DIV, the TDC is only required to quantize a phase
variation of 0.2π. To leave some safety margin, a TDC with a range of around 0.4π is
designed with a 2.5 ps resolution. The power consumption of the TDC is 150µW in post-
layout simulation. he constant-slope charging method [12] is utilized to fundamentally
improve the linearity of the DTC. The DTC achieves a normalized INL of 0.3% with 1
ps resolution in the post-layout simulation. The proposed DPLL-based ADC achieves a
power consumption of around 1.0mW and a simulated SNR of 48dB and SFDR of 54dB
thanks to the DAC feedback path and TDC resolution enhancement technique.
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4.1.2 Wide Loop-Bandwidth Fractional-N DPLL

As 5MHz BW for the DPLL is specified by the DPLL-based ADC, it brings various
challenges, such as the phase noise, the fractional spurs and the power consumption. The
standard 26MHz reference would only be able to support around 2.6MHz BW for a type-
II PLL due to the Gardner’s limit [55]. Reference doubler technique is adopted to double
the 26MHz to 52MHz. A time-amplifier is used to improve the coarse TDC resolution
from 20ps to 2.5ps. Less than −110dBc/Hz in-band phase noise can be achieved at the
52MHz reference.

Another factor that limits the wide-BW operation is the forward loop latency from the
TDC input to the digital loop filter (DLF) output as shown in Fig. 4.13(a). The larger
D in Z-D is, the worse stability at wider BW will be. In [7], a latency of 3TREF limits its
maximum BW to around 4MHz at 50MHz reference clock. In conventional work [56], the
DLF is separated into two paths, i.e., the proportional path (KP path) and the integral path
(KI path) without digital summing at the DLF output. Both paths are fed into different
varactors in the VCO though DACs. This reduces the latency from the TDC inputs to
the oscillator interfaces. However, the gains of two paths will vary according to the PVT
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Figure 4.12: (a) Proposed data digitization process assisted by DTC (b) Phase domain
diagram.

variation which requires two gain calibration units. Moreover, the lack of retiming at
proportional path will produce glitches hence worsen the phase noise. In our proposed
technique in Fig. 4.13(b), the 5b coarse quantizer output is retimed by its own output.
As shown in Fig. 4.13(c), after the quantizer finishes the quantization and acquires the
thermal bit data (Raw Data), the quantizer output clock TOP is reused as TDC clock (TDC
CLK) to retime Raw Data at the TDC decoder. It produces the 5bit TDC data with aligned
clock. The operation of the proposed TDC is like a bang-bang phase detector (BBPD),
which produces only 0/1 data and has a very low latency. Overall, the proposed TDC has
a latency of ∆TTDC + ∆T1 ≈ 2ns, in which ∆T1 > ∆TDec where ∆TDec is the operation time
of the decoder. To reduce the DLF latency, the TDC CLK is further reused as DLF clock
(DLF CLK) with a ∆T2 delay. If ∆T2 > ∆TDLF where ∆TDLF is the operation time of the
DLF, the DCO code is still retimed by the same clock edge of the TDC output. As a result,
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the reduced loop latency ∆TLatency is ∆TTDC + ∆T1 + ∆T2 < 0.5TREF. Because all the data
from TDC and DLF are both retimed by a clean edge, the glitches are removed and the
phase noise will not be degraded. To demonstrate the effect of the loop latency reduction,
different latencies are added to the forward PLL loop as shown in Fig. 4.14. With a 3TREF

latency, large jitter peaking will appear adjacent to the corner frequency of the DPLL
BW. While using the proposed loop latency compensation, the phase noise peaking is
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completely eliminated even at 5MHz and the integrated phase noise is improved by more
than 12dB from a 3TREF. An in-band phase noise of -110dBc/Hz and a worst fractional
spur of less than -50dBc is achieved at 5MHz BW with a 1.05mW power.
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4.1.3 Hybrid-loop RX with Phase and Frequency Recovery Loop

As mentioned earlier, the single-path downconversion method [48] reduces by half the en-
ergy consumption and the area from the ABB and ADC in the RX. However, the unknown
carrier phase and frequency will degrade the SNR of the down-converted signal. If there is
a constant-phase mismatch between the LO and VRF, the amplitude of the down-converted
ABB signal VABB will be degraded. VABB is digitized to DDBB and is further processed by
a DPSK decoder in the digital baseband (DBB) to acquire the 0/1 data. With the noise
associated with the decoder inthe DBB, the threshold will be a Gaussian distribution in-
stead of a constant value. The reduced amplitude of VABB and the noise will significantly
degrade the bit error rate (BER) of the RX.

Fig. 4.15 shows the proposed RX baseband, and a phase and frequency synchroniza-
tion loop is implemented to improve the SNR of the down-converted signal. Fig. 4.16
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shows the simulated results with and without the synchronization loop. The worst-case
phase shift of π/2 is assumed in the I-channel signal as discussed in [48]. As shown in Fig.
4.16(a), without synchronization, the amplitude of the down-converted signal of VABB is
greatly degraded. As a result, DDBB will be falsely decoded. With the synchronization, a
timing error detector (TED) is placed after the FIR filter to detect the amplitude degrada-
tion. When the amplitude of VABB is recovered to its maximum value, we have:

(x[n · TS] − x[(n − 1) · TS]) · (x[(n − 0.5) · TS]) = 0 (4.5)

where TS is the 13-MHz sampling clock, and x[(n − 0.5) · TS] is the half-symbol point
between the current symbol x[n · TS] and the previous symbol x[(n − 1) · TS], as shown in
Fig. 4.16(b). The detected phase error was filtered and transferred into the control code
and was added with the DPLL frequency control word (FCW) to instantaneously change
the DPLL phase by varying the output frequency. The VABB amplitude is significantly
recovered as shown in Fig. 4.16(b). A settling time of six data symbols is achieved in the
simulation.

However, due to the long delay from VRF to the TED input in Fig. 4.15, which is
mainly dominated by the 4th-order LPF, the settling time of the phase and frequency
recovery loop will be degraded if a large carrier frequency offset is presented. When
simulated with a carrier frequency offset of ±100 kHz, nearly 30 µs is required for proper
settling. This excessive settling time exceed the 8-symbol preamble time required by the
BLE specification. The settling time can be satisfied by dynamically changing the BW
of the LPF. When the receiving signal is detected, a large BW of the LPF is adjusted to
minimize the delay from VRF to the TED input for fast settling of the synchronization
loop, while the ACR performance will be degraded. After the synchronization loop is
settled, the BW of the LPF is minimized. In the proposed architecture, there is a trade-off

between the required preambles and the ACR performance. In the present study, the LPF
is optimized for better ACR performance. Another issue is that the large interference will
cause additional noise in Eq. (4.5), which will degrade the BER performance. However,
a higher-order LPF can be adopted to suppress this extra noise.

4.2 Building Blocks of The BLE Transceiver

Fig. 4.17 shows the proposed BLE TRX, which uses multiple loops for supporting the
GFSK data modulation and demodulation. The proposed RX adopts the concept of single-
channel demodulation by transferring FSK to DPSK constellation [48]. DPLL-based
ADC is used as LO source as well as the ADC to perform the digitization. The DAC
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Figure 4.17: Proposed DPLL-centric BLE Transceiver.
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feedback path is used to improve the dynamic range of the DPLL-based ADC. The syn-
chronization path is utilized to synchronize the phase and frequency between the LO and
RX input (RX IN). The reference doubler and loop latency reduction techniques are used
to support 5MHz-BW operation of the DPLL. The coarse TDC and gated loop filter is
used to increase the phase locking speed while saving the energy after phase locked by
the PLL path [21].

The digitized data DOUT with 52MHz sampling rate will be decimated 4 times by a
cascaded integrator-comb (CIC) decimation filter. The power can be reduced because
of the multiplierless structure of the CIC filter. However, the magnitude response of the
CIC filter has a low attenuation in the passband region. Hence, a CIC-compensation
filter is required to compensate this attenuation in order to get a flat in-band response.
The CIC-compensation filter has 27-taps, and the overall channel-select filter achieves
a 1MHz bandwidth with 10dB stop-band attenuation. The filtered data will be further
processed by a symbol timing recovery block [57], which recovers the symbol timing
and sends the correct timing to the DPSK decoder. The polar modulation path is served
for the frequency modulation in TX. All those functions are completed by the low-power
fractional-N DPLL acting as a center component in the TRX. The reusing of the low-
power DPLL cuts a significant amount of power and aggressively minimizes the TRX
power consumption without sacrificing the performances.

4.2.1 Receiver Front-End Design

As the highest power consuming part in a ULP transceiver, the power consumption of the
radio frequency front-end and the analog front-end should be minimized. As reported in
[58, 59], various low-power front-end structures have been proposed for ULP transceivers.
The low noise amplifier (LNA) is the most power hungry component due to its noise,
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Figure 4.19: (a) Low power consumption source degenerated LNA with stacked gm-cell
(b) LC-Oscillator.

linearity and gain requirements. In [48], the differential LNA alone consumes 0.97 mW
from a low supply-voltage of 0.6 V. To improve the power efficiency of the LNA, a supply
of 0.6 V is utilized instead of 1.1 V for other analog circuits. However, the LNA requires
an additional DC-DC converter and a low-dropout (LDO) regulator to acquire a 0.6 V
supply.

In order to avoid using a different supply-voltage while maintaining its power effi-
ciency, a new LNA topology is highly demanded. Fig. 4.18 shows the entire RX-FE
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implementation. To realize a significant power reduction while achieving required per-
formance without lowering the supply voltage, a new current-reused single-to-differential
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LNA is proposed, as shown in Fig. 4.19(a). With a fully on-chip matching network, a
single-ended LNA with a stacked differential transconductance amplifier (gm-cell) is im-
plemented. A balun is inserted between the LNA and the gm-cell in order to perform both
inductive loading of the LNA and a single-to-differential converter. The proposed topol-
ogy can share the same supply voltage with other analog building blocks without the need
for an additional low-voltage supply to maintain the current efficiency. The input signal
is amplified in the voltage domain by the LNA and transformed into a differential signal
by the passive balun. To save chip area, a stacked single-to-differential balun architecture
is adopted [60]. As shown in Fig. 4.20(a), this balun is composed of three turns of pri-
mary windings by the top metal (M9) and four turns of secondary windings by M8. This
stacked balun structure has a high coupling factor utilizing the same area as a single in-
ductor. With the center tap of secondary windings connected to ground, the single-ended
input signal can be transformed into differential signals, which are directly connected to
the stacked differential gm-cell inputs. In electromagnetic simulation, the phase imbal-
ance between the differential ports is only 0.9◦ and the amplitude imbalance is less than
0.1 dB at the operating frequency of interest as shown in Fig. 4.20(b). To ensure all tran-
sistors operate in the linear region, the biases and the transistor size of the gm-cell and the
LNA are optimized in simulations. The total current flows in the gm-cell and its bias con-
dition decide the drain voltage (VDDLNA) for the LNA transistor. Consequently, the DC
current is reused between the gm-cell and the source degenerated LNA. In the case of the
mismatch between the two branches in the gm-cell, a 10-pF capacitor is implemented at
the LNA’s VDD to realize AC ground. Using a 1-V supply, the power consumption of this
stacked structure is only 0.7 mW. With fully on-chip impedance matching, the minimum
noise figure of this LNA with a stacked gm-cell is 4 dB.

With an inverter-based gm-cell, the RF signal can be transformed into the current
domain, which relaxes the linearity requirements for mixers and analog front-end. A
passive double-balanced mixer is implemented to avoid the flicker noise and the power
overhead from an active mixer in voltage-domain. A 4th-order LPF with a BW of 750
kHz is implemented for higher blocker rejection. The gain of the receiver chain can be
controlled to allow different input levels as shown in Fig. 4.18. The switch capacitor
bank (CBANK) is used for accurately controlling the passband of the LNA, as shown in
Fig. 4.19(a). Gain control technique [61] is used to digitally control the LNA gain. The
measured gain of the LNA and Gm-cell can be adjusted from 12 dB to 46 dB, and the
PGA have a measured gain control range of 28 dB. The measured 1-dB compression
point of the RX is -14.2/-22.0/-45.5 dBm and the measured in-band IIP3 of the RX is
-3.5/-11.5/-32.5 dBm in the low/medium/high gain setting of the LNA. The out-of-band
IIP3 (OBIIP3) of +2 dBm is measured by feeding Two-Tone signals at 2.5000GHz and
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2.5661GHz to the RX input with an LO frequency of 2.434GHz. The OBIIP2 of +58 dBm
is measured by feeding Two-Tone signals at 2.5000GHz and 2.5001GHz to the RX input
with an LO frequency of 2.434GHz. The detailed oscillator implementation is shown
in Fig. 4.19(b). A CMOS-type LC architecture is utilized for the low-power operation.
Both the digital capacitor bank and the varactor bank are implemented for the DPLL-
based ADC. The varactor bank consists of four identical varactor cells to perform over a
100 mV linear range. The wide BW DPLL operation relaxes the oscillator phase noise
requirement. The simulated phase noise is -110 dBc/Hz at a 1-MHz offset with a power
consumption of 0.21 mW. The tuning range of the oscillator is designed from 2.2 GHz to
2.6 GHz to cover the 80 MHz BLE band.

4.2.2 Single-Point Polar-TX

The DFM-TX [20, 62, 63] draws a lot of researchers’ attentions in BLE applications
because of its simplicity comparing with the Cartesian-TX when performing the FSK
modulation. Wide-BW DPLL is capable of realizing wider TX modulation BW. However,
the DPLL requires additional power to increase BW. In the present study, thanks to the
low-power wide-BW DPLL with low spurs and good in-band phase noise proposed in
Section II-B, the single-point DFM TX with low power consumption can be realized. The
pulling effect from the PA to the oscillator at PA start-up becomes severe if the oscillator
and PA work at the same frequency. This effect becomes dominate at a very large output
power of the PA and will degrade the settling time of the DPLL. The wide-BW operation
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of the DPLL can help reduce the frequency settling time of the DPLL at the PA start-up.
Fig. 4.21 shows the single-point DFM TX design. Class-D PA [64] is implemented to
improve the power efficiency while it results in a large third order harmonic at PA output.
Hence, Off-chip filter is used to suppress this harmonic. For test purpose, the 1-Mbps data
is generated from the data pattern generator which is not synchronized with the on-chip
reference clock of 26 MHz. In order to avoid the meta-stability, two D flip-flops (DFF)
working at 13 MHz are used to retime the 1-Mbps TX data. The encoder transfers the
1-bit of information into 10-bit signed fixed-point number. The data is filtered by a digital
GFSK filter with a BT of 0.5 and a modulation index of 0.5. The GFSK filter output will
be normalized using a constant gain of η, which yields a modulation code of cmod = y · η.
The output will be added to the FCW that has a 6-bit integer part and 18-bit fractional
part. The fractional-N DPLL has a gain of KDPLL=52 MHz/218 LSB ≈200 Hz/LSB at the
FCW input. At the output of the PLL, fout = (FCW + cmod) · KDPLL = fLO + cmod · KDPLL.

4.3 Measurement Results

The prototype of the proposed BLE TRX is implemented in a 65-nm CMOS technology.
The chip micrograph is shown in Fig. 4.32. The measured phase noise of the fractional-N
DPLL is shown in Fig. 4.22. The DPLL achieves a phase noise of -110 dBc/Hz at 1-
MHz offset frequency with around a 5-MHz BW at a frequency of 2441.75 MHz, while
no significant jitter peaking is observed thanks to the loop-latency reduction technique.
The worst-case in-band phase noise is -108 dBc/Hz at 1-MHz offset under 80◦C. The
measured worst in-band fractional spur of DPLL over all BLE channels is -51.7 dBc. To
validate the input power tolerance of the RX, different levels of the BLE signals are added
at the LNA input port as shown in Fig. 4.22. An input power of up to -10 dBm at 2442
MHz is added at the LNA input in order to demonstrate the specified maximum input
power. With the gain adaptation of the LNA and the PGA as well as the wide-BW DPLL
operation, the PLL remains locked even with -10 dBm as the input. The integrated phase
noise degrades around 1 dB at the desired input of -67 dBm.

The single-path downconversion RX is stabilized by the 4th-order LPF and the 5-
MHz wide-BW DPLL loop as explained in Section II-A when large in-band blockers are
presented. The phase noise of the DPLL can be the indicator of the stability of the RX,
which shows the stability of the LO frequency. In Fig. 4.23, the desired signal of -67 dBm
at 2442 MHz and different levels of in-band blockers at ±1 MHz/±2 MHz/±3 MHz are fed
to the RX input at a fixed RX gain. To satisfy the ACR specification, the required levels of
in-band blockers are -82/-50/-40 dBm at the adjacent frequency of ±1 MHz/±2 MHz/±3
MHz. For the blocker at 1 MHz with -40 dBm, which is 42 dB higher than the BLE
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specification, the LO frequency is still stable, as shown in Fig. 4.23(a). The blocker at -1
MHz as shown in Fig. 4.23(d) has the biggest impact on the RX system, as it suffers from
less suppression from the LPF due to the shifted RX LO frequency of 250 kHz for the
single-path downconversion demodulation method [48]. However, this -50-dBm blocker
level is still much higher than the requirement of -82 dBm in the BLE specification. A
-20-dBm blocker power at ±2 MHz will degrade the stability of the RX and generate
noises to the lower offset frequency, as shown in Fig. 4.23(b) and Fig. 4.23(e). However,
sufficient margin is left for the ACR specification. With the help of the 4th-order LPF, the
blockers at ±3 MHz will not degrade the stability of the loop even with -20 dBm power, as
shwon in Fig. 4.23(c) and Fig. 4.23(f). The higher-order LPF can be adopted to achieve
better RX stability and higher blocker tolerance while more power is required.

In order to evaluate the dynamic-range of the DPLL-based ADC, a pure sine wave
at 250 kHz is given. The ADC output is monitored using a 10-bit DAC to save pins,
and DFFT is performed to calculate the SNDR performance. In order to verify the im-
provement of the proposed method, the DPLL-based ADC can be configured as either
the conventional open-loop type with a digital capacitor control path or the proposed
close-loop type. In the conventional open-loop method, a maximum SNDR of 25 dB is
achieved at an input of approximately -18 dBFS input. As the input increase further, the
varactor linearity will become worse and the SFDR will degrade dramatically as the input
becomes larger. After we close the loop by the DAC feedback path, the SNDR continues
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Figure 4.23: Measured stability of the RX when the large in-band blockers and the desired
signal are fed to the RX.
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Figure 4.24: Measurement result of the ADC SNDR.
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Figure 4.25: (a) Measurement result of the PGA output w/o phase and frequency syn-
chronization Loop (b) Measurement result of the PGA output w/ phase and frequency
synchronization Loop.
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Figure 4.26: Measured demodulator with CDR function.

to increase, even after -18 dBFS, and reaches around 43 dB at an input of -6 dBFS. The
SNDR starts to degrade after -6 dBFS due to the saturation of the TDC code and the lin-
earity degradation of the varactor. The linearity improvement by the DAC feedback path
enhances the dynamic range of the ADC by 18 dB, i.e., an improvement of 3 effective
bits. The dynamic range improvement directly improves the sensitivity and the in-band
blocker tolerance.

The phase and frequency synchronization loop is evaluated by being turned on/off,
as shown in Fig. 4.29. When there is no synchronization, even a very small phase and
frequency error will degrade the amplitude of the down-converted data at PGA output, as
shown in Fig. 4.25(a). The analog data could not be distinguished at digital baseband,
and the decoded data will be wrong as shown in question marks. With the synchronization
shown in Fig. 4.25(b), the amplitude of the data is recovered. When the carrier frequency
offset is presented as shown in Fig. 4.27, the BER is measured at the desired input power
of -67 dBm. The synchronization loop can cover a range of ±100 kHz when the BER
requirement of 0.1% can still be satisfied. If a large blocker of -40 dBm is associated
with the desired -67 dBm signal, the synchronization loop is affected and the coverage
decreasing to ±50 kHz. The digital baseband is evaluated in Fig. 4.26. The PGA output,
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Figure 4.27: Measured BER with phase and frequency synchronization loop when the
carrier frequency offset is presented in the TX signal.

decoded data and recovered data clock are measured using an oscilloscope. Due to the
constellation transform from GFSK to DPSK, the TX data can be read out as shown in Fig.
4.26. The symbol recovery circuit after the FIR filter extracts the correct sampling clock
and provide the recovered clock to the DPSK decoder. The sensitivity is measured by
evaluating the BER performance. The data points of the recovered data and the recovered
clock shown in Fig. 4.26 are exported from the oscilloscope. A total of 10,000 symbols
are recoded for the data post-processing performed using Matlab. The BER is computed
by comparison with PRBS9 data. A sensitivity of -94 dBm is achieved when the BER is
still below 0.1%. The blocker performances are measured by setting the desired signal to
-67 dBm and applying different levels of blocker power. The maximum tolerant blocker
level is measured when the blocker power makes the BER over 0.1%. The ACR, as one of
the most important specifications for BLE RX, is shown in Fig. 4.28(a). To demonstrate
the dynamic-range improvement of the DPLL-based ADC with and without the DAC
feedback path, the ACRs of both cases are measured. Without the DAC feedback path, the
ACR drops below the specified value in BLE standard at -3 MHz. With the DAC feedback
path, the ACR is improved by almost 9 dB at -3 MHz and all points satisfy the BLE
standard with a sufficient margin. The out-of-band blocker performance is measured using
the same method as the ACR measurement shown in Fig. 4.28(b). This performance is
mainly limited by the out-of-band rejection of the matching network and the RX linearity.

The single-point DFM TX is measured using the vector signal analyzer. The spectrum
from the PA output at the BLE channel of 2434 MHz is shown in Fig. 4.29(a). The eye
pattern is measured as shown in Fig. 4.29(b). The TX achieves a 1.89% FSK error. The
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Figure 4.28: (a) Measurement result of the RX ACR with and without DAC feedback loop
(b) Measurement result of the out-of-band blocker tolerance.

measured worst-case GFSK modulation deviation for a 11110000 data pattern, i.e., ∆ f1,
is ±249 kHz. As for the measured worst-case GFSK modulation deviation for a 10101010
data pattern, i.e., ∆ f2, the result shows a deviation of ±215 kHz. The measured HD2 and
HD3 is -43.0 dBm and -41.4 dBm for a PA output of 0-dBm. The settling time of the
DPLL is measured at the PA output of 0 dBm when turn on the enable signal of the DPLL
and PA simultaneously. Due to the large DPLL BW, the mutual pulling effect of oscillator
and PA is reduced as compared with [42, 43, 46], and a settling time of less than 5 µs is
achieved, as shown in Fig. 4.30. The measured power consumption breakdowns of the
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Figure 4.29: (a) Measurement result of the TX spectrum mask (b) Measured eye diagram
of the single-point polar transmitter.

RX and TX, including the DBB are shown in Fig. 4.31. A power consumption of 2.6 mW
is achieved for the RX at maximum gain while 5.2 mW is consumed for the TX when
delivering 0 dBm output power. A detailed comparison with the state-of-the-art BLE 4.0
TX/RX is shown in Table I. The RX consumes less power while achieving better blocker
performance.
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Figure 4.30: Settling time of DPLL at 0-dBm PA output when DPLL and PA start up
simultaneously.
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Figure 4.31: Measured power consumptions of each building blocks.

4.4 BLE Transceiver Towards 5.0

As we already mentioned in Chapter 1.2, the current work is based on 4.0 standards. The
major differences from the 4.2 standards are shown in the following Table-4.2.

Multi data rates are added to support long-range mode with 125/500kbps data rate
and a high data rate mode of 2Mbps. In order to maintain a link range of over 200m,
the transmitter power is also increase to 20dBm(100mW) from a 10dBm(10mW). A ten
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Table 4.1: Comparison Table of The State-of-The-Art BLE 4.0 TR/RX
This Work [48] [42] [46] [45] [43] [50]

Technology 65nm 65nm 28nm 40nm 40nm 55nm 40nm

Integration Level
RF

+DPLL
+DBB

RF
+ADPLL
+ DBB

RF
+ADPLL

RF
+PLL
+DBB

+MCU SoC

RF
+PLL
+PMU

RF
+PLL
+DBB
+PMU

RF
+PLL
+DBB

RX Sensitivity -94dBm -90dBm -95dBm -94dBm -94.5dBm -94.5dBm -95dBm
RX ACR
@1MHz,
@2MHz,
@3MHz

1dB,
31dB,
36dB

N.A.,
24dB,
29dB

N.A.
4dB,

25dB,
35dB

2dB,
32dB,
N.A.

N.A.
N.A.,
18dB,
30dB

Blocker Power
(30∼2000MHz,

2003∼2399MHz,
2484∼2997MHz,

3000∼12750MHz)

-1dBm,
-13dBm,
-12dBm,

1dBm

-6dBm,
-22dBm,
-16dBm,

0dBm

-20dBm,
-25dBm,
-24dBm,
-7dBm

-42dBm,
-25dBm,
-24dBm,

N.A.

-18dBm,
-28dBm,
-28dBm,
-13dBm

4.5dBm,
-9dBm,
-9dBm,
>9dBm

-1dBm,
-15dBm,
-17dBm,
-8dBm

TX Architecture Single-point
polar N.A.

2-point
polar

2-point
polar

Up
conversion

Up
conversion

2-point
polar

TX
Modulation Error 1.89% N.A. 2.67% 4.8% N.A. N.A. 2%

TX Output Power -3dBm N.A. 0dBm -2dBm 0dBm 0dBm 1.8dBm
Supply Voltage 1V 0.6/1.1V 0.5/1V 1V 1.1V 0.9∼3.3V 0.8V

Power
Consumption

RX
DBB 0.3mW 0.5mW N.A. 0.4mW N.A.

11.2mW
0.74mW

Analog 2.3mW 5.5mW 3.75mW 3.3mW 6.3mW 2.3mW

TX
DBB 0.2mW N.A. N.A. 0.2mW N.A.

10.1mW
N.A.

Analog 2.9mW N.A. 4.7mW 4.2mW 7.7mW 6.1mW
TRX Active Area 1.64mm2 N.A. 1.9mm2 1.3mm2 1.1mm2 2.9mm2 0.8mm2

LNA+Balun

+Gm+Mixer

LPF

+PGA
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Figure 4.32: Chip photo of BLE TRX.

times bigger output power will make the PA integration much more difficult than the TX
design in Chapter 4.2.2. One of the most significant challenge if the harmonics that raised
from the nonlinear operation of the power amplifier. A 20dBm output will require at least
-61dBc suppression on the 2nd and 3rd harmonics at the PA side. Such a substantial re-
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Table 4.2: Major Differences from BLE 4.2
Output Power -20dBm to 20dBm
Symbol Rate 125kbps, 500kbps, 1Mbps. 2Mbps

Range >200m in long range mode

PA

LO-

Mixer

LNA TO BB
RF-

RF+

LO+

GM

  

RF_in

RF_out

Antenna

Balun

DPLL

Figure 4.33: The present TRX RF I/O solution.

Figure 4.34: Harmonics from the present BLE TX.

jection will require external components such as capacitors and inductors outside the chip
which causes additional area on PCB. Furthermore, the required time for the developer to
release their products will be influenced due to the time spend on the external components.
Hence, a single chip solution is highly appreciated.

Fig.4.33 shows the present implementations of the current RF input/output (I/O) solu-
tion. Even though the LNA and PA are internally matched to a 50ohm impedance for the
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Figure 4.35: RF-FE with integrated matching network and antenna switch.

external antenna, the antenna switch is not integrated. This means either two antennas are
required, or an external antenna switch is required. The former situation is not preferred
because of the huge size of the antenna at a lower frequency. However, the external switch
is also not preferred because of our mentioned single chip solution. Hence, an internal
TRX switch is required at the antenna port of the chip while matching networks should
also be realized simultaneously as shown in Fig.4.35.

Fig.4.34 shows the harmonics from the present TX output. The second and third
harmonics achieves a worst of -48dBm power when the TX delivers an around -6dBm
output. If we keep increasing the PA output, the harmonics will become larger and larger
which potentially degrades other surrounded receivers.

Another challenge is to suppress the 2nd and 3rd harmonics further when the consid-
erable output power is delivered. Those harmonics will significantly interfere with other
receivers operating around the same frequency such as Wi-Fi. The more suppression we
have, the less interference it will be. Notice that the matching network for PA can per-
form as a bandpass filter. However, the limited filter order will only produce a minimal
suppression. It is not enough to satisfy the FCC regulations. One of the most natural way
if to add one or two more band-pass filters at the PA output using inductors and capaci-
tors. However, the additional area of large inductors will significantly increase the cost of
the chip. Fewer inductors should be included in the antenna switch which challenges the
RF-FE design.

4.5 Conclusion

A BLE TRX for IoT applications is demonstrated in a 65nm CMOS technology. A wide-
BW fractional-N DPLL plays a centric role in the BLE TRX which maximally reduces the
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required circuit blocks, thereby achieving the minimum power consumption. DPLL-based
ADC with the dynamic-range enhancement technique is proposed, and greatly improves
the sensitivity level and the interference tolerance. The proposed DPLL-based ADC can
be utilized in narrow-band wireless applications. Loop-latency reduction and the ref-
erence doubler helps to mitigate the jitter peaking at the 5-MHz-BW of the DPLL using
only a 26-MHz reference clock and improves the stability of the RX. Phase and frequency
synchronization loop assists the proper demodulation of the single-path downconversion
demodulation. For the single-point DFM TX , the wide BW of the DPLL improves the
settling time of the DPLL at TX start up.



Chapter 5

Conclusion and Future Directions

This thesis presented the newly proposed concept and the design methodology of low-
power, low sensitivity and high blocker immunity BLE transceiver using the advanced
sub-mW fractional-N DPLL in CMOS technology. Particular emphasis has been placed
in the investigation of incorporation fractional-N DPLL into the whole transceiver oper-
ations. The fractional-N DPLL plays multiple rules of ADC, the phase and frequency
synchronizer, a local oscillator and a frequency modulator simultaneously. The digital
intensive DPLL takes advantages of deep sub-micron CMOS technology which signifi-
cantly cut the chip area and brings the merits of intensive digital I/Os. These digital I/Os
can be used for PVT calibrations as well as data converter outputs. In the DPLL design,
a novel isolated constant-slope DTC is proposed to reduce the power consumption while
improving the DTC linearity. TDC range is assisted by the DTC which significantly
reduced the high-resolution TDC power. The power consumption of the transceiver is
reduced significantly compared with previous state-of-the-art works. A summary of the
techniques and results presented in this dissertation is given in the following sections.

5.1 Conclusion

This thesis presents techniques for realizing BLE transceiver that can be used in IoT ap-
plications. The extremely low power operation and the good blocker performance are
achieved by the DPLL-centric receiver architecture and the single-point transmitter archi-
tecture.

As shown in Fig. 5.1, the proposed receiver architecture lowers the power consump-
tion in the following three ways: 1) Single-path demodulation receiving method with
phase and frequency synchronization is utilized to cut almost half of the power consump-
tion from the analog baseband of the conventional I/Q-based receiving method; 2) DPLL-
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Figure 5.1: Low-power DPLL-centric receiver architecture.

Table 5.1: Comparison Table of The State-of-The-Art BLE 4.0 TR/RX

This Work Toshiba
2015

TSMC
2017

IMEC
2015

Renesas
2015

Dialog
2015

Technology 65nm 65nm 28nm 40nm 40nm 55nm
RX Sensitivity -94dBm -90dBm -95dBm -94dBm -94.5dBm -94.5dBm

RX ACR
@1MHz,
@2MHz,
@3MHz

1dB,
31dB,
36dB

N.A.,
24dB,
29dB

N.A.
4dB,

25dB,
35dB

2dB,
32dB,
N.A.

N.A.

Blocker Power
(30∼2000MHz,

2003∼2399MHz,
2484∼2997MHz,

3000∼12750MHz)

-1dBm,
-13dBm,
-12dBm,

1dBm

-6dBm,
-22dBm,
-16dBm,

0dBm

-20dBm,
-25dBm,
-24dBm,
-7dBm

-42dBm,
-25dBm,
-24dBm,

N.A.

-18dBm,
-28dBm,
-28dBm,
-13dBm

4.5dBm,
-9dBm,
-9dBm,
>9dBm

TX
Modulation Error 1.89% N.A. 2.67% 4.8% N.A. N.A.

TX Output Power -3dBm N.A. 0dBm -2dBm 0dBm 0dBm

Power
Consumption

RX
DBB 0.3mW 0.5mW N.A. 0.4mW N.A.

11.2mW
Analog 2.3mW 5.5mW 3.75mW 3.3mW 6.3mW

TX
DBB 0.2mW N.A. N.A. 0.2mW N.A.

10.1mW
Analog 2.9mW N.A. 4.7mW 4.2mW 7.7mW

TRX Active Area 1.64mm2 N.A. 1.9mm2 1.3mm2 1.1mm2 2.9mm2

based ADC with DAC feedback is proposed to further reduce the required high-dynamic
range ADC design, and the DPLL is also reused as local oscillator; 3) Low-power wide
bandwidth DPLL is developed to improve the power efficiency of the entire system. The
comparison with the state-of-the-art BLE transceivers is shown in Table. 5.1. It achieves
the lowest power consumption while delivering excellent blocker performances and a
good sensitivity level.

As a key building block of the proposed DPLL-centric BLE transceiver, the power
consumption of the fractional-N DPLL is also reduced by a variety of techniques pro-
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Figure 5.2: FOM comparison with the state-of-the-art fractional DPLLs under 5mW.

posed in this thesis: 1) 1st-order DSM-based fractional controller is used to reducing
the required DTC range, which minimizes the jitter contributions from the DTC to the
DPLL; 2) Isolated constant-slope DTC is proposed to improve the power efficiency from
the conventional constant-slope DTC while achieving an excellent linearity performance;
3) TDC gain calibration is proposed to minimize the in-band phase noise variation due
to voltage and temperature variations. As a result, a sub-mW DPLL is realized with an
unprecedented FOM of -246dB. The worst-case in-band fractional spur is well below -
56dBc. The achieved FOM performance are listed with power consumption. It is the only
DPLL which breaks the -240dB FOM barrier under a 1-mW power consumption.

5.2 Future Direction

5.2.1 Fractional-N DPLL

The 1st-order DSM-based architecture and the proposed isolated constant-slope DTC pre-
sented in this thesis are useful to improve the power efficiency of the fractional-N DPLL.
Also, the TA gain calibration technique is proposed to improve the variations of the TDC
gain. However, the techniques are not without shortcomings.

As discussed in the chapter. 3.1, a smaller DTC range means smaller random jitter
contribution and smaller peak INL. However, due to the sawtooth operation of the 1st-
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order DSM, the DTC gain calibration cannot correctly converge to the optimized value
if the frequency control word is too small. It is because the gain error of the DTC will
cause a prolonged sawtooth wave at a small frequency controlled word, which requires the
bandwidth of the LMS loop to be very narrow, such as a bandwidth of less than 100Hz.
The gain mismatch introduces INL to the DTC, and significantly worsen the fractional
spurs. Limiting the BW of the LMS calibration loop will solve the convergence issue,
while the convergence time will become very long (>1s). This is not desired because
of the fractional spur degradation during the DTC gain calibration. New and improved
calibration scheme instead of the LMS algorithm is demanded to solve the above issues.

The second issue is coming from the TA gain calibrations. As a TDC, the physical
resolution of the TDC is essential. The resolution of the TDC will potentially set the in-
band phase noise of the DPLL if the quantization noise of the TDC is the dominant noise
source. The proposed TA-TDC is very sensitive to this gain variation due to the PVT
variation of the TA. The TDC resolution is also decided by the coarse quantizer resolution,
where it is equal to a buffer delay. A slow process (due to process variation) leads to higher
TA gain and a larger buffer delay, while a fast corner leads to smaller TA gain and smaller
buffer delay. The effective resolution of the TA-TDC is the ratio between the buffer delay
and the TA gain, and it is affected by both factors. So calibrating TA gain only is not
useful under process variation because there will still be a large variation (around ±35%)
for the coarse-TDC resolution. Hence, a new TDC gain calibration method is required
to accurately control the TDC gain if the TDC quantization noise dominates the in-band
phase noise of the fractional-N DPLL.

5.2.2 Bluetooth Low-Energy Transceiver

The DPLL-centric BLE receiver was proposed to improve the interference performance
while lowering the power consumption from the conventional I/Q receiver. The DAC
feedback technique is proposed to enhance the SNDR performance of the DPLL-based
ADC. Loop latency reduction technique is used to widen the DPLL loop bandwidth. The
phase and frequency synchronization loop are proposed to improve the SNR of the re-
ceived signal in a mixed signal domain through DPLL. Those techniques help to achieve
good sensitivity, a good blocker performance, and good power efficiency. However, the
proposed architecture and methods are not without issues and need to be further addressed
by new techniques. It can be the future directions of the BLE transceiver.

One of the issues is the potential DC offset in the DAC feedback path of the DPLL-
based ADC, as shown in Fig. 5.3. This DC offset is from the frequency locking process of
the proposed DPLL. The proposed DPLL-based ADC will quantize the analog signal to
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Figure 5.3: (a) Proposed closed-loop DPLL-based ADC with DC offset at DAC output
(b) Conversion diagrams.

the digital one. The FLL is used to lock the frequency of the DPLL. After the FLL locks
the frequency of the DPLL to the desired value for the RX demodulation, it sets the DC
voltage of the DAC output to 0.5 V. If no signal is input to the varactor, DOUT will be 0.5
V DC voltage. However, the DCO frequency will gradually drift due to PVT variations,
for example, the frequency will gradually drift at a several-kHz rate under temperature
variation. The DPLL will track this frequency drift and compensate in the PLL path due
to the negative feedback. If a large frequency drift happens, the DC-level of Vtune will drift
accordingly, causing a deviation from the linear region of the varactor conversion gain.
This drift will significantly distort the A/D conversion due to the distorted Vtune signal
and nonlinearity of the varactor gain, as shown in Fig. 5.3(b). It will corrupt the SFDR
performance. This effect is not desired. Hence, new techniques to mitigate this issue is
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highly demanded.
Another issue is from the frequency and phase synchronization loop. As discussed

in the chapter. 4.1.3, the long delay from the LPF to the FIR output will considerably
limit the convergence time of the phase and frequency synchronization loop. The worst-
case convergence time will be as large as more than 30µs, which is much longer than the
standard specified 8µs (8-symbol preamble time). Hence, new techniques to improve the
convergence time is highly desired to full fill the BLE standard.
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