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Abstract

This thesis presents low-power and small-area Bluetooth Low-Energy transceiver for
short-range internet-of-things applications. To realize small size and long life-time mod-
ules, architecture considerations and key building blocks are discussed. An integrated
radio-frequency input-output embedded with transmitter/receiver switch function and on-
chip impedance matching is proposed. The proposed radio-frequency input-output is de-
signed with minimized noise factor penalty for high-sensitivity receiver operation and
harmonic suppression function for satisfying the out-of-band spurious emission require-
ments. To lower the power consumption and mitigate the supply variation with small
on-chip area, a transformer-based low-power voltage-controlled oscillator with supply
pushing reduction is presented and discussed in this thesis.



vi Abstract



Contents

Acknowledgment iii

Abstract v

1 Introduction 1
1.1 Internet-of-Things and its Available Wireless Standards . . . . . . . . . 1

1.1.1 Medium-Range and Long-Range Wireless Standard . . . . . . . . 3
1.1.2 Short-Range Wireless Standard . . . . . . . . . . . . . . . . . . 4

1.2 Bluetooth Transceiver and its Applications . . . . . . . . . . . . . . . . 5
1.3 Challenges for RF Front-End Design with Direct Antenna Interface . . . 10

1.3.1 General Challenges for BLE TRXs . . . . . . . . . . . . . . . . 10
1.3.2 Academic Challenges . . . . . . . . . . . . . . . . . . . . . . . . 11
1.3.3 Fundamental Issues . . . . . . . . . . . . . . . . . . . . . . . . . 12
1.3.4 Specification Consideration . . . . . . . . . . . . . . . . . . . . 12

1.4 Long Life-Time and Easy Implementation . . . . . . . . . . . . . . . . . 25
1.5 Overview of the Thesis . . . . . . . . . . . . . . . . . . . . . . . . . . . 29

2 Ultra-Low-Power Transformer-based LC-VCO 35
2.1 Low-Power LC-VCO and Implementation in PLL Design . . . . . . . . . 35

2.1.1 LC-VCO in Conventional PLL Design . . . . . . . . . . . . . . . 36
2.1.2 Phase Noise in LC-VCO . . . . . . . . . . . . . . . . . . . . . . 45

2.2 Proposed Gm-Stacked VCO using Transformer . . . . . . . . . . . . . . 50
2.3 Design Procedures of Transformer-Based VCO . . . . . . . . . . . . . . 57
2.4 Area-Reduction and Supply Pushing Reduction . . . . . . . . . . . . . . 58

2.4.1 Transformer with Patterned Ground Shields . . . . . . . . . . . 60
2.4.2 Supply Pushing Reduction . . . . . . . . . . . . . . . . . . . . . 65

2.5 Measurement Results of The ULP VCO with Supply Pushing Reduction . 75
2.6 A High Jitter Performance Injection-Locked Clock Multiplier . . . . . . . 77

2.6.1 Transformer-Based ULP VCO . . . . . . . . . . . . . . . . . . . 83



viii CONTENTS

2.6.2 Transformer-Based Tank and Start-up Condition . . . . . . . . . 85
2.6.3 Low flicker Noise Corner . . . . . . . . . . . . . . . . . . . . . . 86
2.6.4 ILCM Implementation . . . . . . . . . . . . . . . . . . . . . . . 90
2.6.5 Measurement Results of ILCM . . . . . . . . . . . . . . . . . . . 90

2.7 Conclusion of ILCM . . . . . . . . . . . . . . . . . . . . . . . . . . . . 97

3 Bluetooth Low Energy Transceiver with Direct Antenna Interface 99
3.1 Overview of BLE Transceiver Design . . . . . . . . . . . . . . . . . . . 101
3.2 Radio-Frequency Input-Output . . . . . . . . . . . . . . . . . . . . . . . 103

3.2.1 RFIO . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 104
3.2.2 LNA and Gm . . . . . . . . . . . . . . . . . . . . . . . . . . . . 106
3.2.3 PA . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 107
3.2.4 Transformer . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 109

3.3 High Dynamic-Range Low-Power Receiver . . . . . . . . . . . . . . . . 112
3.3.1 BLE Receiver in High/Mid Gain Mode . . . . . . . . . . . . . . 115
3.3.2 BLE Receiver in LNA Bypass Mode . . . . . . . . . . . . . . . . 119

3.4 High Efficiency and Harmonic-Suppressed Transmitter . . . . . . . . . . 124
3.4.1 HD2 Rejection . . . . . . . . . . . . . . . . . . . . . . . . . . . 126
3.4.2 HD3 Suppression . . . . . . . . . . . . . . . . . . . . . . . . . . 126

3.5 Measurement Results . . . . . . . . . . . . . . . . . . . . . . . . . . . . 132
3.6 Conclusion . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 142

4 Conclusion and Future Works 145
4.1 Conclusion of the Thesis . . . . . . . . . . . . . . . . . . . . . . . . . . 145
4.2 Contribution of the Thesis . . . . . . . . . . . . . . . . . . . . . . . . . 147
4.3 Bluetooth Transceiver Towards 5.2 . . . . . . . . . . . . . . . . . . . . . 147
4.4 Small-Area and Low-Power TX using A Sub-200 µW Ring-Oscillator . . 149
4.5 BT 5.2 TRX with Multiple Power Mode . . . . . . . . . . . . . . . . . . 151

A Publication List 173
A.1 Journal Papers . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 173
A.2 International Conferences . . . . . . . . . . . . . . . . . . . . . . . . . 173
A.3 Domestic Conferences . . . . . . . . . . . . . . . . . . . . . . . . . . . 174
A.4 Co-Author . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 176

A.4.1 Journal Papers . . . . . . . . . . . . . . . . . . . . . . . . . . . 176
A.4.2 International Conferences . . . . . . . . . . . . . . . . . . . . . 176
A.4.3 Domestic Conferences and Workshops . . . . . . . . . . . . . . 177



List of Figures

1.1 The concept of the Internet of Things. . . . . . . . . . . . . . . . . . . . 2
1.2 The channels of Bluetooth standard and its coexistence with Wi-Fi. . . . . 5
1.3 The applications of Bluetooth and its classification. . . . . . . . . . . . . 7
1.4 The market volume of BLE applications and its trend. . . . . . . . . . . . 9
1.5 The general structure for wireless transceivers. . . . . . . . . . . . . . . . 11
1.6 Power breakdown of a Texas Instruments CC-series BLE device in a sin-

gle connection event. . . . . . . . . . . . . . . . . . . . . . . . . . . . . 13
1.7 The TX frequency deviation of BLE Transmitter. . . . . . . . . . . . . . 15
1.8 The simplified transmitter model. . . . . . . . . . . . . . . . . . . . . . . 16
1.9 The TX spurious emissions including in-band and out-of-band cases. . . . 17
1.10 The simplified receiver model. . . . . . . . . . . . . . . . . . . . . . . . 20
1.11 The simplified receiver model for IIP3 calculation. . . . . . . . . . . . . 22
1.12 The simplified receiver model for ACR calculation using ideal LO. . . . . 23
1.13 The simplified receiver model for ACR calculation using actual LO. . . . 24
1.14 Power consumption for typical applications including BLE and power

densities for various energy sources. . . . . . . . . . . . . . . . . . . . . 25
1.15 A typical application circuit shown in CC-series SoC data-sheet. . . . . . 26
1.16 Previous of BLE works. . . . . . . . . . . . . . . . . . . . . . . . . . . . 27
1.17 The concept of PCB cost reduction for BLE applications. . . . . . . . . . 28
1.18 The concept of SoC area reduction for BLE applications. . . . . . . . . . 29
1.19 Measured return loss in TX and RX. . . . . . . . . . . . . . . . . . . . . 32

2.1 Structure of the traditional charge pump based PLL. . . . . . . . . . . . . 36
2.2 The frequency-domain model of the traditional charge pump based PLL. . 37
2.3 Frequency-domain model of the VCO noise contribution in traditional

charge pump based PLL. . . . . . . . . . . . . . . . . . . . . . . . . . . 39
2.4 Structure of the digital phase-locked loop. . . . . . . . . . . . . . . . . . 40
2.5 The implementation of DTC and narrow-range TDC. . . . . . . . . . . . 41
2.6 Digital PLL modeling with DCO noise contribution. . . . . . . . . . . . 42



x LIST OF FIGURES

2.7 DPLL noise contribution from each component (PNDCO = -110 dBc/Hz
@1 MHz). . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 44

2.8 DPLL noise contribution from each component (PNDCO = -100 dBc/Hz
@1 MHz). . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 44

2.9 LC-VCO model and its power spectral density. . . . . . . . . . . . . . . 45

2.10 Output waveform of the LC-VCO in ideal case and actual case. . . . . . . 46

2.11 Injection current at different phases in the oscillator. . . . . . . . . . . . . 48

2.12 Candidates for the low-power LC-VCO design. . . . . . . . . . . . . . . 49

2.13 (a) Proposed transformer-based stacked-gm DCO (b) Transformer with
EM simulation results. . . . . . . . . . . . . . . . . . . . . . . . . . . . 51

2.14 (a) Transformer with capacitor banks (b) Simulated input impedance from
the top side and bot side. . . . . . . . . . . . . . . . . . . . . . . . . . . 52

2.15 Schematic redrawn of the proposed DCO and equivalent circuit. . . . . . 53

2.16 (a) Simulated transient voltage waveforms of both cross-coupled pair (b)
Simulated transconductance and channel conductance of M1 and M4 tran-
sistors (c) Simulated ISF and NMF of the M1 and M4 transistors in the
proposed DCO. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 55

2.17 Theoretical comparison between the proposed TF-based structure and
conventional structures. . . . . . . . . . . . . . . . . . . . . . . . . . . . 56

2.18 Design procedures of transformer-based VCO. . . . . . . . . . . . . . . . 57

2.19 ULP transformer-based VCO with minimized on-chip area and supply
pushing reduction. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 59

2.20 Transformer with PGS. . . . . . . . . . . . . . . . . . . . . . . . . . . . 61

2.21 EM simulation results of the transformer with and without the PGS . . . . 62

2.22 EM simulation results of the transformer: inductance and coupling factor. 63

2.23 EM simulation results with tuning the spacing between primary and sec-
ondary windings. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 64

2.24 Conventional CMOS structure with supply pushing reduction technique
of typical LDO implementation and amplitude tracking feedback. . . . . 66

2.25 TF-based LC-VCO with 4-bits capacitor banks and 8-bits resistor banks. . 67

2.26 Simulated waveform of each point in the proposed VCO. . . . . . . . . . 68

2.27 Simulated ISF and NMF of transistors in the TF-based VCO: (a) top tran-
sistors (b) bottom transistors. . . . . . . . . . . . . . . . . . . . . . . . . 70

2.28 Schematic redarwn of the TF-based VCO with proposed supply pushing
reduction. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 71

2.29 Equivalent model to qualitative analyze the supply pushing reduction loop. 72



LIST OF FIGURES xi

2.30 Simulated supply pushing of the VCO with different sinusoidal waveform
in VDD. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 73

2.31 Chip micrograph. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 73

2.32 Measured TF-based VCO phase noise at 2.6 GHz oscillation frequency. . 76

2.33 The FoM summary of state-of-the-art low-power VCO designs. . . . . . . 76

2.34 Measured oscillator spectra with and without the supply pushing reduc-
tion under 50 mV 5 MHz sine wave. . . . . . . . . . . . . . . . . . . . . 77

2.35 Different types of phase-locked loop (a) analog type (charge-pump based)
(b) digital type. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 78

2.36 (a) Time-domain waveform during injection for frequency multiplication.
(b) Frequency-domain phase noise with reference injection. . . . . . . . . 79

2.37 Proposed ILCM with Transformer-Based VCO. . . . . . . . . . . . . . . 80

2.38 Calculated jitter performance of ILCM with different VCO flicker corner. 82

2.39 Proposed ULP transformer-based VCO with flicker noise reduction. . . . 83

2.40 Schematic of capacitor bank and equivalent model of the half transformer. 84

2.41 Simulated tank impedance over frequency tuning range. . . . . . . . . . . 84

2.42 Calculated minimum required gm0 and simulated transistor gm0 versus dif-
ferent current bias. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 85

2.43 (a) Simulated waveforms of VGS, VDS, and drain current ID of transistor
M2 and M4. (b) Simulated Non-normalized ISF functions of M2 and M4.
(c) Modulated RMS value of flicker current noise at 10 kHz of M2 and
M4. (d) Simulated effective non-normalized ISF function with different
current bias (160/310 µA). . . . . . . . . . . . . . . . . . . . . . . . . . 87

2.44 ILCM implementation with a pulse generator and test buffer. . . . . . . . 89

2.45 Chip micrograph. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 91

2.46 Measured phase noise of the VCO at 2.62 GHz oscillation frequency. . . . 91

2.47 Measured phase noise of the VCO at representative frequencies. . . . . . 92

2.48 Measured flicker noise corner over the frequency tuning range frequencies. 92

2.49 (a) Phase noise (b) FoM at 100 kHz and 1 MHz over the frequency tuning
range frequencies. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 94

2.50 Comparison of power and FoM in low-power LC-VCOs. . . . . . . . . . 94

2.51 Measured injection-locked phase noise with different reference frequencies. 95

2.52 Measured integrated jitter performance. . . . . . . . . . . . . . . . . . . 96

2.53 Calculated FoM with different injection reference frequencies. . . . . . . 97

2.54 State-of-the-art ILCMs. . . . . . . . . . . . . . . . . . . . . . . . . . . . 98



xii LIST OF FIGURES

3.1 BLE transceiver with conventional SPST/SPDT switch and on-chip match-
ing network. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 99

3.2 Block diagram of the proposed BLE transceiver. . . . . . . . . . . . . . . 102
3.3 RF front-end with direct antenna interface. . . . . . . . . . . . . . . . . . 103
3.4 RFIO block including the LNA, LNA bypass, transimpedance amplifier

(Gm) and last stage of class-E/F2 PA. . . . . . . . . . . . . . . . . . . . . 104
3.5 The consideration of the proposed RFIO in low-power and small-area

transceiver design. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 105
3.6 RF building blocks including LNA, Gm and passive mixer. . . . . . . . . 107
3.7 Common-mode rejection with phase and amplitude imbalance and HD3

filtering network. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 108
3.8 High efficiency and balanced transformer with compact area. . . . . . . . 109
3.9 EM simulation results of the transformer: (a) Q-factor and coupling factor

(b) Transformer efficiency (c) Inductance of both windings (d) Amplitude
and phase imbalance. . . . . . . . . . . . . . . . . . . . . . . . . . . . . 110

3.10 BLE transceiver in RX high/mid gain mode. . . . . . . . . . . . . . . . . 113
3.11 Simplified LNA model with proposed RFIO. . . . . . . . . . . . . . . . . 116
3.12 LNA voltage gain and stability factor as the function of ZF/RON,S1. . . . . 116
3.13 RX measurement summary: (a) maximum RX front-end gain (b) mini-

mum noise figure of the RX (c) in-band IIP3 in high gain mode (d) in-band
IIP3 in medium gain mode (e) in-band IIP3 in low gain mode (f) in-band
IIP3 in bypass (negative gain) mode (g) out-of-band IIP3 (h) out-of-band
IIP2. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 118

3.14 BLE transceiver in bypass (low gain) mode. . . . . . . . . . . . . . . . . 120
3.15 (a) Large input power tolerant RX with LNA bypass route. (b) A ad-

justable fully differential butterworth low-pass filter. . . . . . . . . . . . 121
3.16 Switchable cascode complementary bias circuit for LPF and PGA. . . . . 122
3.17 Measured result of the SNDR of the front-end from the PGA output monitor.122
3.18 RX power consumption and gain settling with different input power. . . . 123
3.19 BLE transceiver in TX mode. . . . . . . . . . . . . . . . . . . . . . . . . 125
3.20 Transformer-based F2 tank and simulated ZL using DM/CM excitation. . . 125
3.21 HD2 of TX output in 200-run Monte Carlo simulations with mismatch

and process variations. . . . . . . . . . . . . . . . . . . . . . . . . . . . 127
3.22 The proposed HD3 notch-filter reusing LNA input matching network. . . 127
3.23 Insertion loss and low-pass characteristic of RX path in TX mode. . . . . 129
3.24 Simulated (a) PA efficiency and output power versus VDD and (b) HD3

with proposed TX matching network. . . . . . . . . . . . . . . . . . . . 129



LIST OF FIGURES xiii

3.25 The driver of Class-D power amplifier. . . . . . . . . . . . . . . . . . . . 130
3.26 Simulated isolation of the PA driver with and without the shunt switch. . . 131
3.27 Chip micrograph of miniaturized BLE TRX. . . . . . . . . . . . . . . . . 131
3.28 Measured return loss in TX and RX. . . . . . . . . . . . . . . . . . . . . 133
3.29 Measured DPLL phase noise and fractional spur with 26 MHz input ref-

erence clock (w/ reference doubler). . . . . . . . . . . . . . . . . . . . . 134
3.30 The noise source analysis of the degradation of the phase noise performance.135
3.31 Measured TX typical harmonic: (a) 0 dBm output power; (b) -6 dBm out-

put power. . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 136
3.32 1 Mbps GFSK output signal spectrum at 2.434GHz using maximum hold. 138
3.33 RX measurement results: (a) ACR with -67dBm signal input; (b) out-of-

band blocker performance. . . . . . . . . . . . . . . . . . . . . . . . . . 139
3.34 Breakdown of measured power: (a) TX mode with 0dBm output power

(b) RX mode with minimum sensitivity. . . . . . . . . . . . . . . . . . . 139

4.1 Simplified Transmitter Structure Based on CRRO. . . . . . . . . . . . . . 148
4.2 Power supply in conventional TX. . . . . . . . . . . . . . . . . . . . . . 149
4.3 Current DAC implementation. . . . . . . . . . . . . . . . . . . . . . . . 150
4.4 Conventional ring oscillator with frequency control bank. . . . . . . . . . 150
4.5 Proposed current reused ring oscillator with current DAC implementation. 151
4.6 The inverter cell in current reused ring oscillator. . . . . . . . . . . . . . 152
4.7 The phase noise coverage of the VCO with different modes. . . . . . . . 154
4.8 The mode switching in the transformer-based VCO structure. . . . . . . . 155
4.9 The low voltage operation of the BLE transceiver. . . . . . . . . . . . . . 156
4.10 The high performance operation of the BLE transceiver. . . . . . . . . . . 156
4.11 Multi-standard TRXs integration with low-cost implementation. . . . . . 157



xiv LIST OF FIGURES



List of Tables

1.1 DETAIL DIFFERENCES BETWEEN BLUETOOTH BR/EDR AND LOW-
ENERGY . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 8

1.2 TRANSMITTER CHARACTERISTICS BASED ON CORE SPECIFICATION

V5.2 . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 14

1.3 RECEIVER CHARACTERISTICS BASED ON CORE SPECIFICATION V5.2 . 18

1.4 SUMMARY OF THE T/R SWITCHES AND THE DESIGN TARGET. . . . . 21

1.5 THE DESIGN TARGETS OF THE LC-VCO, DIGITAL PLL AND THE

BLE TRANSCEIVER. . . . . . . . . . . . . . . . . . . . . . . . . . . . . 30

2.1 VCO SIMULATION RESULTS WITH AND WITHOUT THE PGS (SAME

CURRENT BIAS CONDITION). . . . . . . . . . . . . . . . . . . . . . . . 65

2.2 VCO PERFORMANCES COMPARISON BETWEEN EMX RESULTS AND

MEASUREMENT (SAME CURRENT BIAS CONDITION). . . . . . . . . . . 66

2.3 PERFORMANCE SUMMARY AND COMPARISON WITH STATE-OF-THE-
ART ULP-VCOS . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 74

2.4 PERFORMANCE COMPARISON WITH STATE-OF-THE-ART OSCILLATORS 93

2.5 COMPARISON WITH STATE-OF-THE-ART WORKS. . . . . . . . . . . . 97

3.1 PERFORMANCES SUMMARY OF TRANSFORMER DESIGNS . . . . . . . 111

3.2 LNA SIMULATION RESULT SUMMARY . . . . . . . . . . . . . . . . . . 115

3.3 START-UP TIME SUMMARY OF EACH COMPONENT IN BLE TRANSCEIVER131

3.4 ON-CHIP AREA OF EACH PART . . . . . . . . . . . . . . . . . . . . . . 132

3.5 THE POWER COMPARISON OF EACH COMPONENT WITH STATE-OF-
THE-ART BLE DESIGNS. . . . . . . . . . . . . . . . . . . . . . . . . . . 137

3.6 COMPARISON OF THE T/R SWITCHES. . . . . . . . . . . . . . . . . . . 140

3.7 COMPARISON TABLE OF THE STATE-OF-THE-ART BLE TRANSCEIVERS141

3.8 OFF-CHIP COMPONENTS COST REDUCTION . . . . . . . . . . . . . . . 142

4.1 COMPARISON WITH OTHER STATE-OF-THE-ART BLE VCOS . . . . . 152



xvi LIST OF TABLES

4.2 TRANSMITTER CHARACTERISTICS BASED ON CORE SPECIFICATION

V5.2 . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 153



Chapter 1

Introduction

1.1 Internet-of-Things and its Available Wireless Stan-
dards

The earliest concept of network-connected smart devices originated in 1982 with a drink
vending machine that reports its inventory and temperature with connected internet [1].
After several decades of development and research, the application of the Internet of
Things (IoT) has been extremely expanded and innovated. Now, the IoT covers huge
industries and lots of application scenarios in life, which is much different from the first
originated concept with much more content. Fig. 1.1 shows several important and main
application cases. Autonomous driving, also well known as a self-driving car, seems unre-
alizable decades ago. However, it already gradually developed and commercialized. That
should thank the development of various engineering technologies, such as computer sci-
ence, sensor, communication, and the Internet. At present, there are mainly two ways to
realize autonomous driving. One is mainly based on the self-intelligence of the vehicle,
which requires various sensors embedded and through the local brain of the car. How-
ever, these kinds of technology consume high costs and are limited by the surrounding
environment. Handling the various information in a complex environment is difficult and
unreliable. Another way is the Internet-based technology, in which the vehicles and mon-
itoring equipment can be connected over the air, e.g., traffic light, even the people passing
by, as the Fig. 1.1 shows. With the information chain between the people, vehicles, sensor
and monitor and Internet, hardware requirement is greatly reduced and robust in the com-
plex environment. As lifestyles change, many more smart devices are applied with our
human body, e.g., smartwatch with a heartbeat monitor, which can collect the data of our
bodies and share with family members or even medical institutions in case of emergence.
Not just the smartphones and the computers, every controllable item we can find in our
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Connected Devices in IoT
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Machine 
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Figure 1.1: The concept of the Internet of Things.

house can be connected. Those devices can communicate, send useful information and
take your words as commands. What we called the smart house or home automation is
also based on the IoT. Take the light as an example. With an Internet-connected light bulb,
the turn-on or turn-off operation can be remote and easily realized through the voice, evad-
ing the manual operation greatly. With the embedded sensor in the human body, the light
control can be much more effective and energy harvested with monitoring our position in
the house. Since the sensor also can collect the information of our bodies and even the
mental, the light condition can be controlled to make people feel most comfortable. Body
temperature also can be monitored and direct control the air conditioner and the direction
of its fan. Through connection, those conventional devices in the house controlled with a
smart brain with artificial intelligence help life in such a house become more comfortable.

Finally, the infrastructures of the city or big factory also can form a large wireless
network. With connected through the Internet, the information can be uploaded, and each
device can be monitored. That is a little bit like the first smart device introduced in the be-
ginning. However, the content is much more complicated and different. Also, the amount
of data are greatly increased because of the massive and various equipment. For exam-
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ple, the communication between the machines and the power devices can be useful in the
management of the factory. The labor cost can be heavily reduced with the automatic
power control, and also, the machine status can be monitored using a remote terminal.

All those mentioned applications and networks are greatly benefiting from the popu-
larity of wireless Internet that enabled by a various cellular network. As already popu-
larized WiFi network, the small network with an available wired network interface will
be easier to connect to a gateway device by using devices like WiFi routers. Moreover,
the WiFi router will be connected to a large cellular network connected by fiber optic or
5G network. Finally, all the devices in the small networks can form a massive device’s
network. With the help of the computing sources such as cloud servers or smart termi-
nals, a large amount of data can be further processed and feedback to the devices to make
life better. An era full of smart devices is approaching, which can give anyone a better
life if the IoT and the required wireless techniques can be further developed and exploited.

1.1.1 Medium-Range and Long-Range Wireless Standard

LTE-Advanced: Conventional LTE is known as 3.9G of telecommunications developed
by the 3GPP (3rd Generation Partnership Project). In telecommunications, this one was
also promoted with the name "4G LTE". The initial LTE does not meet the technical cri-
teria of a 4G wireless service, as specified by the 3GPP (Release 8 and 9 document series
for LTE Advanced). Since 2011, the LTE-Advanced standard has been commercialized.
This standard uses several frequency bands (from around 1 GHz to 6 GHz) with associ-
ated different bandwidth.

5G: As well know, 5G is the fifth generation technology standard for cellular net-
works. The low-band of 5G (FR1) uses a similar band as the LTE (< 6 GHz). While
the new 3GPP specification series 38 provide more technical details. In the newly re-
leased 5G NR standard, high-band 5G (FR2) uses frequencies from 25 GHz to 39 GHz,
almost achieve the millimeter-wave band. However, higher frequencies may be used in
the future. This standard targets much faster wireless communication, such as gigabit per
second. Not like the millimeter wave standard, which has a much-limited communication
distance, the 5G NR can be applied in medium-range telecommunications, and has been
firstly commercialized in 2019.

NB-IoT: It is also standardized by the 3GPP (release 13). This standard uses the LTE
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technology subset but with much narrow bandwidth (200 kHz). This standard mainly fo-
cuses on the coverage range and the connection density.

Long-range Communication: There are several standards for long-distances com-
munications, such as LPWAN. These standards typically use ultra-narrow bandwidth and
ultra-low data rate, e.g., 0.3 kbit/s.

1.1.2 Short-Range Wireless Standard

WiFi : It has family standards based on the IEEE 802.11, and this standard has been de-
veloped for more than twenty years. It operates at the ISM band in the sub-6 GHz, which
including the 2.4 GHz, 3.6 GHz, and 4.9/5.0 GHz bands. A high date rate can be realized
from several Mbps to several Gbps. This standard is straightforward to be implemented
with a wired network interface within a few tens of meters. For the newly released WiFi 6
standard, which is based on IEEE 802.11ax, a higher-order modulation method has been
implemented, and a higher data-rate can be achieved.

ZigBee: It is a short-range wireless standard based on the IEEE 802.15.4. This stan-
dard operates in the 2.4 GHz ISM-band with 250 kbps data rate suitable for the intermit-
tent data transmission from the sensors and duty-cycled devices. The maximum number
of nodes in the Zigbee network is 1024. Depend on its working environment and power
configuration. The communication range can be controlled from tens of meters to hun-
dreds of meters.

Light Fidelity: A communication method utilized the light emitted by diodes (LEDs)
as the information carrier. Due to the characteristics of visible light itself, this standard
can be effective in confidential communication that can’t get through the wall or the door.
Moreover, this standard is useful in the special situation without causing electromagnetic
interference such as hospital and the airplane.

NFC: Near-field communication is a protocol for two devices which has a short dis-
tance lower than 4 cm. This protocol is well known because of the identity cards and the
contactless payment. In a current new type of mobile phone, the NFC is integrated, which
can be used for mobile payment and the tramcar ticket like the PASMO.

Bluetooth Classic: As the most famous wireless standard within tens of meters, Blue-
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Figure 1.2: The channels of Bluetooth standard and its coexistence with Wi-Fi.

tooth has been widely used in electronic devices around us, such as the mobile phone and
headphone. This standard has been proposed since 1994 and has been iterated and up-
graded into several versions. This standard operates at 2.4GHz, which is located in the
globally unlicensed ISM frequency band. The variable data rate and robust implementa-
tion make this standard widely used in audio streaming and file transmission.

Bluetooth Low-Energy: Different from the classic Bluetooth standard used for con-
tinuous audio streaming, Bluetooth Low-Energy (BLE) is an ultra-low-power version of
Bluetooth (4.2). The main target devices are the applications that do not require contin-
uous connection and intermittent data transmission, e.g., disposable sensors, but depend
on long battery life and costs.

1.2 Bluetooth Transceiver and its Applications

After decades of evolution from 1994, Bluetooth technology becomes one of the most
popular wireless standards in short and middle-range communications using short-wavelength
UHF radio waves in the ISM bands, from 2.4 GHz to 2.4835 GHz. The RF channels are
specified to 1 MHz, while the band each channel is 2 MHz. Together with WiFi technol-
ogy, it is widely adopted in almost all kinds of wireless communications. As shown in
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Fig. 1.2 , three advertising channels (channel 37, 38, 39) for the device discovery, connec-
tion establishment, and broadcast transmissions. To robust co-exist with the WiFi signal
working on the same ISM band, which has a much wider channel bandwidth. A mecha-
nism called adaptive frequency hopping is adopted. This mechanism is used by the link
layer, and the link-layer will remap a given packet from a known bad channel to a known
channel without interference, e.g., a WiFi signal. Through that, interference from other
devices is reduced. This technology really makes the Bluetooth transceivers robust work
in the complex environment where the microwave oven, other Bluetooth devices, and
WiFi devices co-exist. Because of its robustness and easy implementation, the Bluetooth
transceivers have become much popular with various applications.

For now, the most famous application scenario is the smartphone integration and re-
placing the conventional wired solutions, such as earphones and keyboards etc.. For the
Bluetooth standard beginning, the Institute of Electrical and Electronics Engineer (IEEE)
standardized this standard as IEEE 802.15.1 at the beginning of this century. However,
it is no longer maintained by IEEE. Now a special interest group (SIG) [2] oversees the
development of these standards as well as protects the trademarks. It was established by
IBM, Intel, Nokia, and Toshiba, and later joined many other companies. Now, the Blue-
tooth SIG is a global community of over 36,000 companies serving to unify, harmonize
and drive innovation in this Bluetooth standard. In order to meet the requirement of the
market and uniform standards, the manufacturer or the developer must satisfy Bluetooth
SIG standards before releasing to the market.

Also, because of the Bluetooth transceiver work in the ISM band, which is a globally
unlicensed frequency band, the transceiver implementation also must satisfy the regula-
tions required by the local government, such as the Federal Communications Commission
(FCC) in the United States. For example, the transceiver operating with the frequency
band from 2400–2483.5 MHz must satisfy the FCC 15.247. Otherwise, any devices with
the substandard Bluetooth transceiver cannot be sold in the United States.

The core specification has been updated from version 1.0 (1998) to version 5.2 (De-
cember 2019). In the standard V4.0, the low-energy controller part is added, which has
many differences from the previous basic rate (BR) or enhanced data rate (EDR) con-
troller. The conventional Bluetooth addresses the point-to-point communication, such as
the audio streaming for the laptop to the audio speaker shown in Fig. 1.3. The high sound
quality requires the higher data rate of the Bluetooth transceiver. Typically, the Bluetooth
basic data rate mode with 1 Mbps and enhanced data rate 2/3 Mbps mode are sufficient
for these applications.
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Figure 1.3: The applications of Bluetooth and its classification.

There are several important differences of the Bluetooth Low-Energy listed below.

Lower Power: The low duty cycle such as 0.5 s to 10 s intervals. The scenarios
for which the period of interaction is large, and there is a very relaxed latency. The
temperature and humidity monitoring are the typical scenarios. The leakage power of the
transceiver is also design low. Thus, the average power consumption is quite small, which
can be clearly expressed by the following equation.

DCAVG =
DCoperation×TDC +DCleakage× (T −TDC)

T
(1.1)

From this equation, different optimizations for low power consumption to achieve a
long lifetime can be taken into different scenarios [3]. For example, a continuous high
frequency is scenarios for which the operation cycle dominates, e.g., heart rate moni-
tors that communicate measurements several times in seconds to trackers. More accurate
counting requires more operation cycles in seconds, which is a trade-off with the opera-
tion power. Thus, the DC power for the operation should be optimized. Another periodic
low-frequency scenarios are the applications that have a long standby time, e.g., temper-
ature monitoring, which has a gradually transformation. In this kind of application, the
operation cycle can be very small such as one cycle (<10 ms) in tens of seconds. The
leakage power of the transceiver will dominate the total average power consumption.
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Table 1.1: DETAIL DIFFERENCES BETWEEN BLUETOOTH BR/EDR AND LOW-
ENERGY

Characteristic Bluetooth BR/EDR Bluetooth Low-Energy*

Discovery Inquiry Advertising
RF Channels 79 Channels 40 Channels

Number of Piconet Slaves 7(active) Unlimited
Modulation Method GFSK/DQPSK, 8QPSK GFSK

Max Data Rate 1/2,3Mbps 1Mbps
Typical Range >10 meters >10 meters
Output Power 100 mW** 100 mW**

* Core version 5.2
** Power Class I

Faster Connection: The low-power consumption is a benefit from its fast connec-
tion operation. For a classic Bluetooth transceiver, a link-level connection can take up
to 100 ms, which means more power is wasted in the long connection progress. For a
BLE transceiver, the devices can connect and send and acknowledge data in 3 ms. That
requires the BLE transceiver has a much faster mode switch function, which can send and
acknowledge data individually.

Table 1.1 summarized the detailed differences between Bluetooth BR/EDR and Low-
Energy. While the Bluetooth BR and EDR address the point to point communication.
The Bluetooth expanded into broadcast communications to enable indoor positioning and
location services, as shown in Fig. 1.3.

BLE devices support several roles in these applications,

Data transfer Application: The smartwatch performs a master device that scans
for advertisers. If there is a new message comes, the smartphone will operate as the ad-
vertiser. The connection between the phone and watch can be initiated since the BLE is
designed with a faster connection. This application can be effective in the broadcast in
crowded places.

Locations Services: Several position fixed beacons will be placed surround. This
function relies on a property known as the received signal strength indicator (RSSI) to
calculate how close a beacon is from the device. According to the beacon number, more
precision can be realized.
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Figure 1.4: The market volume of BLE applications and its trend.

Mesh Network: Since the BLE is designed as a reliable wireless solution to estab-
lish large-scale device networks. A mesh network can be established with the BLE. This
concept originated from a massive network. The topology is that one of the "node" (de-
vice) transmits its own data, and this device also serves as the relay for the nearby "node".
All the nodes can be practices to form the most efficient data transmission path. Even,
some failures happen in some "nodes", the other path through the working "node" will
still continue to deliver the information. That ensures the connectivity is always working
and reduce the cost from the failure nodes.

The variety of the roles and features present very good support for different applica-
tion scenarios with low distance and moderate/slow date rate. It is the main reason that
Bluetooth standard with additional BLE becomes one of the most popular wireless tech-
nology for IoT applications. From the data website Statista 2020, as shown in Fig. 1.4,
the BLE market volume has been increased from 1.6 billion in 2013 to nearly six times
until now. And it can be predicted from the data, the marker volume of the BLE will
still increase and break the 10 billion record, which no other standards can reach. The
emerging new applications such as the True Wireless Stereo (TWS) earphone and home
automation boost the accelerated the market volume growth of BLE.
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1.3 Challenges for RF Front-End Design with Direct An-
tenna Interface

1.3.1 General Challenges for BLE TRXs

The general challenges for BLE transceivers are considered for both industry and aca-
demic aspects.

Low Cost: The cost is the main important point for the low-end Bluetooth man-
ufacturers to enter the market. Low-price means more market share while increasing
shipments. The increased shipments help further reduce costs. Furthermore, this positive
feedback will allow a company to beat others to occupy all low-end market shares.

Low-Power Consumption: The power consumption for the BLE application is also
important, which will be mainly used in wearable devices and wireless sensors. Those de-
vices do not need to keep running at all the time, and they are only wakened up to perform
data transmission for a short time. However, due to the size limitation according to the
application scenario, a long lifetime is desired with a small battery capacity. That requires
the BLE transceiver works with low-power consumption and low stand along with power.

Small Module Size: As mentioned before, the main applications of the BLE transceiver
include wearable devices and sensors. In the real application, the module of the BLE
transceiver includes the PCB, and the off-chip components (e.g., trace antenna) takes a
much larger area but with lower cost. Some kinds of BLE modules integrate internal an-
tenna, which reduces off-chip area but increases the module cost.

Signal Accuracy and Stability: For the high-end market, a stable and excellent per-
formance will be more important. Such for the indoor positioning, and accuracy RSSI is
required. That means the TX power should be precisely controlled, and RX demodulation
should be very accurate overall for possible environmental changes.

Low latency and fast link: A shorter link establishment also means lower power
consumption with reduced operation time. Meanwhile, the interference will cause the
performance degradation of the BLE transceiver, which will heavy the latency of BLE
communications. This kind of performance is also a mark for high-end BLE products.
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1.3.2 Academic Challenges

In this thesis, only academic challenges listed below are mainly considered due to per-
sonal ability and time constraints. The other aspects without here can be considered as
future upgrades or work in the industry.

Lower Cost: As an industry product, the BLE modules must have stable perfor-
mances, and typically, the conventional structure of circuits will be applied to reduce the
risks while trading with the on/off-chip area. However, in academia, the new circuit struc-
ture can be tried without considering commercialization. Meanwhile, the off-chip com-
ponents are typically implemented to reduce the difficulty of full integration and avoid
performance degradation. In here, we mainly consider the feasibility of reducing the off-
chip components and try to realize the nearly same performance with reduced off-chip
component numbers and smaller on-chip area.

Lower Power Consumption: The low-power techniques are seldom reported by the
industry company. It’s not to say that they don’t have low-power technologies, but that
they often add a lot of power in order to obtain stable performance. In academic consid-
eration, the feasibility of the lower power consumption method can be certified with new
circuit techniques.
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1.3.3 Fundamental Issues

For IoT applications, large-scale popularization will inevitably require cost reduction of
wireless transceiver modules, including the IC cost and PCB cost. As we know, there are
mainly three types of IC cost, which includes the die cost (> 50%), testing cost, and the
packaging cost. The die cost is determined by the wafer cost and the number of dies per
wafer. That means the small chip area will reduce the average IC cost. This saving will be
more evident for more advanced processes. The implementation of off-chip components
can realize very outstanding performances. However, it is inevitably to increase the PCB
cost and finally increases the module cost.

Fig. 1.5 shows the general structure of wireless transceivers. As we know, the pas-
sive components cannot be shrunk with the process scaling. Moreover, these components
occupy most of the on-chip area because of the large inductors are required in these cir-
cuits, such as our LC-type oscillator. Meanwhile, for the oscillator, specified phase noise
must be satisfied to achieve the target transceiver performances (the detailed PN perfor-
mance required will be discussed in the next sub-section). Typically, for the low-power
IoT application, the phase noise performance is not critical. Meanwhile, the on-chip area
becomes much important because of the cost.

Another one that takes up much on-chip area is the RF input and output circuits.
These circuits, such as LNA, PA, and switches, can be designed with off-chip components.
However, that will heavily increase the off-chip costs and area. Typically, for the LNA,
at least three inductors are required (for the cascode LNA), and at least two inductors are
required for the PA (class-D PA with LC-notch filter). The total number of inductors is
almost unchanged in the conventional design. Meanwhile, to share a single antenna, the
antenna switch must be integrated by using on/off-chip switches. In this thesis, we mainly
focus on how to realize a low-power design while reducing the on-chip area by reusing
the passive components (not limited to inductors) and mitigating the usage of off-chip
components. We want to realize a fully integrated BLE transceiver with minimized the
on-chip area and power consumption while meeting the FCC requirements.

Thus, to reduce the cost of the wireless transceiver as much as possible so that it can
be popularized in life, this thesis focuses on the small-area front-end design, including the
RF input/output circuit and frequency synthesis circuits.

1.3.4 Specification Consideration

Fig. 1.6 shows an example of a BLE transient power breakdown from a commercial SoC
(CC-series, Texas Instruments). The transceiver will be waked up by the triggers from the
wake-up receiver embedded. And then pre-process will start. Before the receiver works,
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Figure 1.6: Power breakdown of a Texas Instruments CC-series BLE device in a single
connection event.

there is a pre-RX procedure to configure the transceiver into the receiver mode. After the
desired signal is received, the transceiver will be re-configured, and then the TX will start
to work, which sends the data out as the response of the received signal. From Fig. 1.6, the
power consumption of the transceiver is clearly shown. As explained in Chapter 1.2, for
the a continuous high-frequency scenarios, the power of the operation cycle dominates the
average power consumption and thus the lifetime. For a conventional 2.4 GHz transceiver,
there are a lot of low-power techniques to lower the power consumption. However, as a
globally unified standard, the Bluetooth Low-energy transceiver must satisfy the core
specification. Only considering the specs and the power budget at the same time, power
reduction is effective. Firstly, the analysis of the difficulties of BLE specification and
transceiver implementation should be carried.

Transmitter Characteristics based on core specification V5.2 [4] are summarized in
Table 1.2. Total 40 channels are assigned from 2.4 GHz to 2.8 GHz with 2 MHz channel
spacing. However, the output power is enhanced and multiple classes are selectable. Also
the data rate is not fixed to the 1 Mbps and a 2 Mbps is also as one of the options in V5.2.
The 1 Mbps, as the must-have option, has the signal energy concentrates from -500 kHz
to +500 kHz. For each channel, there are 500 KHz exists on the left and right side of
the signal, which relax the adjacent channel interference performance for the RX. For the
1 Mbps option, because of the larger signal bandwidth (2 MHz), the channel bandwidth is
also increased to 4 MHz, which includes two 1 MHz blank existing on the left and right
side. The frequency deviation, as shown in Fig. 1.7, is also specified to different data rate
options. What should be noticed here is the minimum frequency deviation test method,
which is also specified in the specification. With a data pattern 00001111, the Fmin must
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Table 1.2: TRANSMITTER CHARACTERISTICS BASED ON CORE SPECIFICATION V5.2

Parameters Value

Channels
f =2402+k*2 MHz,

(k=0, . . . ,39)

Output Power

Power Class 1:10dBm∼+20dBm
Power Class 1.5: -20dBm∼+10dBm

Power Class 2:-20dBm∼+4dBm
Power Class 3: 0dBm∼-20dBm

Modulation Scheme
GFSK

(0.5± 5% modulation index)

Frequency Deviation
Fmin = min { |Fmin+ | , Fmin- }

1 Mbps: 250 KHz
(Fmin>185 KHz)

2 Mbps: 500 KHz
(Fmin>370 KHz)

Harmonic Emission
2nd harmonic -41.2* dBm
3rd harmonic -41.2* dBm

In-band Spurious Emission
1 Mbps

2 MHz: -20 dBm
≥ 3 MHz: -30 dBm

2 Mbps
4,5 MHz: -20 dBm
≥ 6 MHz: -30 dBm

Frequency Drift
Package

± 50 kHz
(Maximum drift)

Drift Rate 400 Hz/µS
* According to FCC 15.249.
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Figure 1.7: The TX frequency deviation of BLE Transmitter.

have an average value between 225 kHz to 275 kHz. With a data pattern 01010101, the
Fmin must be large than 185 kHz with the average value large than 0.8 times the average
value of pattern 00001111.

The TX in-band spurious emission is generated from the non-linearity of the TX chain
or the phase noise or spurious of the frequency generators (PLLs). What should be noticed
that the in-band spurious emission is specified in absolute value (dBm), which is measured
on a 1 MHz RF frequency range. That means with a high noise level frequency generator
can’t satisfy this requirement due to its noise skirt. Also, this requirement has a linear
relationship with the output power. For example, for a 0 dBm output power case, the
PN noise requirement of the PLL is around -100 dBc/Hz at 1 MHz offset to satisfy the
in-band spurious emission. However, this noise performance must be improved to 20 dB
higher (-120 dBc/Hz) if the output power is increased to 20 dBm. For a -100 dBc/Hz at
1 MHz frequency offset, a ring oscillator (RO) with around -86 dBc/Hz (with 5 MHz PLL
bandwidth) can realize this performance. However, the phase noise of RO can’t satisfied
the high output power case which is difficult to achieve lower than -100 dBc/Hz at 1 MHz
frequency offset. Also, the fractional spur of the PLL should be considered, which falls
in the close-in frequency band. That makes the phase noise performance of PLL much
tighter and safety margin should be left for a robust application (< -125 dBc/Hz at 1 MHz
for 20 dBm output case).

TX generates electromagnetic (EM) radiation at unintentional frequencies, and the
strong harmonic spurious emissions result in polluting of the out-of-band spectrum po-
tentially, which desenses the RXs operating at the same harmonic frequency (e.g., HD2
of the 2.4 GHz TX locates band n79 for 5G NR). Actually, the harmonic emission is not
directly specified by the core specification. The only requirement is that the equipment
manufacturer is responsible for the ISM out-of-band spurious emissions requirements in
the intended countries of sale, such as North American or Asia market. Typically, the FCC
15.249, which specified for the transceiver which utilizes the ISM band should be satis-
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Figure 1.8: The simplified transmitter model.

fied. According to the authors’ knowledge, the requirement for the ISM bands transceiver
is also similar as the ETSI standard (ETSI EN 300 328). The specified field strength of
harmonics E0 is in micro-volts/meter (500 µV/m specified at a distance of 3 meters) in
the FCC standard, which can be converted into an equivalent -41.2 dBm as a conducted
power (equivalent, sometimes "effective", isotropically radiated power, EIRP) using the
following equation.

EIRP(dBm) = E0 +20log10D−108.4 (1.2)

The corresponding electric field strength E0 specified in FCC 15.249 is 500 µV/m,
which equals 53.98 dBµV. This field strength limit is specified at a distance D equals to
3 meters. The detailed spurious emission is shown in Fig. 1.9. Because of the out-of-
band spurious emission is also specified in dBm, which means the fundamental signal
to harmonic distortion (HD) ratio has to be also increased. For example, in the 0 dBm
output case, the second harmonic distortion (HD2) ratio is -41.2 dBc. However, this value
should be increased to -51.2 dBc in the case of +10 dBm output power. That increases
the difficulty of the on-chip integration due to the insufficient quality factor of the on-
chip filters, which introduces large insertion loss, as shown in Fig. 1.8. Also, we should
notice that power loss is inevitable in the filter implementation. It should be noticed that
the on-chip filters take more chip area while off-chip filters take more PCB (off-chip)
area. Neither way is economical and what we want to see today in pursuit of device
miniaturization.

As the maximum frequency drift is specified in the package transmission (± 50 kHz),
this requirement, which is not strict, relaxes the local oscillator (LO) specification. Even
a free-running LC-type voltage control oscillator (VCO) can satisfy this requirement due
to the short length of the package in BLE (maximum size link layer data packet, 27 bytes
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Table 1.3: RECEIVER CHARACTERISTICS BASED ON CORE SPECIFICATION V5.2

Parameters Value

Sensitivity
Spec. -70 dBm
Target -90 dBm

Maximum Input Power
Spec. -10 dBm
Target +10 dBm

Packet Error Rate
(Bit Error Rate)

30.8%
(0.1%)

Adjacent Channel Rejection

0 MHz -21 dB
1 MHz -15 dB
2 MHz 17 dB
3 MHz 27 dB

Blocker

30∼2000 MHz -30 dBm
2000∼2400 MHz -35 dBm
2500∼3000 MHz -35 dBm
3000∼12.75 GHz -30 dBm

of data in a 41-byte payload, which takes 328 µs) [5].

The summary of RX part specification are listed in the Table 1.3. The actual receiver
sensitivity level is defined as the receiver input level for which specified in Table 1.3 (0.1%
BER or 30.8%PER) is achieved. Firstly the received power of the BLE transceiver should
be considered. To derive the received power at the input port of the receiver, the Friis
transmission equation can be utilized.

PR =
PTGTGRλ 2

(4πD)2 (1.3)

PR: received power at the input port of the receiver.
PT: transmitted power of the output port of transmitter.
GT, GR: antenna gain in the direction of the another device.
D: Distance between the transmitter and the receiver.
λ : The wavelength of the transmitted signal, which equals to c/ f (c: speed of light).

The terms in equation (1.3) that is independent of all the hardware, λ 2

(4πD)2 , is defined
as the Free-Space Path Loss (FSPL).
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FSPL = (
4πD

λ
)2

= (
4πD f

c
)2

(dB) = 20log10 D+20log10 f −147.55

(1.4)

in which, the D is in meters and f is frequency in Hertz.

To classify the relationship between receiver power PR and the FSPL, it is useful to
rewrite the equation (1.3) in decibel, which has:

PR(dBm) = PT(dBm)+GT(dB)−FSPL(dB)+GR(dB) (1.5)

For the convenience of description, the transmitted power PT is assumed to be equal
to 0 dBm. While considering the traditional metal plate antennas on the market [6], the
gain of the antenna is around 0 dBi. Thus, both of the antenna gains are specified in 0 dB
in this estimation. In a 10 meters communication distance with a barrier-free condition,
the FSPL is calculated as the 63 dB with a carrier frequency f equals 2.4 GHz. Thus, the
received power PR can be estimated using equation 1.5, which equals -63 dBm.

Since the FSPL will increase 6 dB with a doubled distance and the obstacle in space
will increase the FSPL significantly, e.g., concrete wall and wood. Thus, there are only
two ways to increase communication distance. One is increasing the output power of
transmitter PT which consumes more TX power and in contrast to the trend of low-power.
Another way is to design a receiver with high sensitivity. In the example just described,
the received power at 10 meters is just -63 dBm in an ideal case. The receiver sensitivity
must be less than or equal to this number to make sure the requirement of the BER can
be satisfied with a -63 dBm input signal. The sensitivity of the receiver can be estimated
using the following equation.

Sensitivity = 10log10 KT +10log10 BW +NF +SNRmodem

=−111(dBm)+NF(dB)+SNRmodem(dB)
(1.6)

BW : the channel bandwidth (2 MHz).
K,T : 1) Boltzmann’s constant in Joules/°K, 2) temperature in °Kelvin.
NF : the cascaded receiver noise figure in dB.
SNRmodem : The minimum signal to noise ratio required by the digital modem to satisfy
the specified BER or PER.
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Figure 1.10: The simplified receiver model.

To maximize the sensitivity also the communication distance, the noise figure of the
receiver chain should be minimized while a 10 dB SNRmodem is sufficient to the FSK
receiver such as BLE. To achieve a -95 dBm receiver sensitivity, the upper limiter of the
NF is estimated as:

NFchain ≤−95(dBm)+111(dBm)−10(dBm) = 6(dB) (1.7)

The total receiver chain noise figure should lower than 6 dB. That puts a stringent
noise requirement of the radio frequency front-end (RF-FE) performances while a suffi-
cient gain must be provided with low power consumption. Also, from the noise cascade
equation using the receiver model shown in Fig. 1.10, the insertion loss of the passive
component before the LNA will inevitably degrade the NFchain, which can be expressed
as:

NFchain ≈ ILSW +NFLNA + · · · (1.8)

The insertion loss of the antenna switch will be directly added to the total chain noise
figure, while the noise figure of the LNA will dominate the total chain noise figure. Ben-
efits from a more advanced CMOS process, the on-chip antenna can be realized with
acceptable performance. However, the total noise figure including the LNA is approx to
5.5 dB as shown in [7], which is listed in Table 1.4. Also, the passive component like the
inductor and transformer will dominate the RF front-end area, which occupies the main
chip area (≥ 60%). Therefore, the chip cost is inevitably increased. The transceiver link
budget can be expressed as the following equation.
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Table 1.4: SUMMARY OF THE T/R SWITCHES AND THE DESIGN TARGET.

Target [7] [8] [9]
Tech. 65nm 90nm 180nm 350nm

LC Resonator Switch Yes Yes Yes No
LNA/PA Co-design Yes Yes No No

VDD 1 1.3 0.6/1.8 3.3
TX Insertion Loss <1* <0.5 2.02/1.62 1.2
Filter/LNA Bypass Yes/Yes No/No No/No No/No

Return Loss
(RX/TX, dB) >15 >10 >10 >15

RX Isolation (dB) >40 16 17.15 >15
LNA NF (dB) <4* 5.5 N.A. N.A.
P1dB (dBm) >0 >30 >30 20.6

Total Ind. Number <4 5 2 0
Area (mm2) <0.6** N.A. 0.13** N.A.

* Estimated.
** Integrated with LNA and PA.

LinkBudget = Max.RXsensitivity(dBm)−Max.T XPower (dBm) (1.9)

The link budget indicates the maximum communication distance. Considering a TX
with a maximum 10 dBm output power and an RX with a -95 dBm maximum sensitivity,
the link budget can be calculated as -105 dB. To extend the communication distance, in
other words, link budget, and also enhance the robustness in the room with obstructions,
a high sensitivity receiver is required and thus, the insertion loss of the antenna switch
should be seriously considered. The power consumption and the chip cost should also be
taken into account. The design targets are listed in Table 1.4.

Another challenge comes from the large input power (-10 dBm in V5.2). However,
a larger power handling capability can be robust in the communication with a nearby
transmitter embedded large output power. The large input signal will saturate the LNA
and desensitize the RX with generating inter-modulation, e.g., 3rd-order inter-modulation
distortion (IMD3), which degrade the SNDR ratio. The intercept point (IP) is used to
evaluate the linearity performance while the input intercept point of the fundamental and
3rd-order harmonic (IIP3). To estimate the largest required IIP3 performance with the
maximum input power, e.g., -10 dBm, the following equation can be utilized.
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Figure 1.11: The simplified receiver model for IIP3 calculation.

IIP3maximum = Max. Input Power (dBm)+
SNRmodem

2
(dB)

=−10+7 =−3(dBm)
(1.10)

For the receiver chain cascaded IIP3 estimation, the model shown in Fig 1.11 is uti-
lized and the estimated IIP3 can be written as:

1
IIP3RX

≈ 1
IIP3SW

+
GSW

IIP3LNA
+

GSWGLNA

IIP3MIX
+ · · · (1.11)

From equation 1.11, the cascaded IIP3 will be dominated by the following stages,
e.g., LPF and VGA. To enhance its linearity and also the IIP3 performance, a large power
budget is required while providing a low-gain path is also a selectable way to realize this
large IIP3 requirement, as shown in Fig 1.11. As one of the most power-hungry part in the
front-end, the LNA performances are quite important. The noise figure with integrated
antenna switch should be minimized (< 4 dB), while a large tunable gain range (> 35 dB)
should be realized, all with low power consumption (< 0.6 mW).

Since introducing an LNA bypass route and antenna switch will degrade the mini-
mum NF of the LNA, more strict performance of the antenna switch should be specified.
Furthermore, the impedance matching condition has to be considered in the LNA bypass
mode.

Another challenge for RX is coming from the ACR performances, as shown in Fig. 1.12.
While the ISM is getting crowded with multiple devices, the RX’s ACR performances
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Figure 1.12: The simplified receiver model for ACR calculation using ideal LO.

also become more important. Considering the ACR performances at 1 MHz, 2 MHz, and
3 MHz, the 3 MHz has the most strict requirement due to the insufficient interference
suppression from the analog baseband low-pass filter (LPF). For a conventional 4th-order
with a 500 kHz bandwidth, only 38 dB reinforced suppression (at 3 MHz, 62 dB suppres-
sion) available from the LPF compared with 1 MHz case (24 dB suppression). However,
the 3 MHz specified ACR performance is 42 dB higher than the value specified at the
1 MHz. Higher-order filter implementation requires more power due to the more active
transistors. Considering the non-ideal effect from the ADC and the front-end, a much
higher suppression ratio from the LPF is required, e.g., 4th-order with a 500 kHz band-
width, which has a 62 dB suppression. As we also noticed, only the ACR performance
is specified with a -70 dBm input power case. That means the order of the LPF can be
reduced with high input power, e.g., a -20 dBm input power can just use one order LPF
because of the sufficient large input signal compared with adjacent interference. This
consideration provides us with ideas to reduce front-end power consumption according to
the input power strength, e.g., bypass some stages in the LPF.

The local oscillator, as one of the power-hunger part in the transceiver, has a negligi-
ble impact on the SNR performance because the level of the phase noise (PN) is much
lower than the sensitivity (< 10 dB). However, the PN can be the critical issue of the ACR
performance due to the reciprocal mixing, as shown in Fig 1.13.

The ideal PN performance has less influence on the in-band noise because the un-
wanted signal is only down-converted to the adjacent location and filtered by the LPF, as
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Figure 1.13: The simplified receiver model for ACR calculation using actual LO.

shown in Fig 1.12. In contrast, the non-ideal PN performances with noise skirt will down-
convert the interference into the in-band, which cannot be filtered and finally causes the
SNR degradation. Generally, the local frequency generator is a phase-locked loop (PLL),
which implements an LC-type oscillator. The PN of the PLL at the adjacent channel
where exists a large interference will contribute to the in-band noise. Because of this, the
PLL PN performances and the spur performance have to be considered seriously. And the
following equation can be utilized to calculating the minimum required PN based on the
most stringent requirement.

LPN,max ≈ Swanted−Sunwanted−SNRmin−10logBWeff,noise (1.12)

Swanted : the wanted signal strength.
Sunwanted : the interference signal strength, e.g., blocker at 3 MHz.
SNRmin : the required power ratio between the wanted signal and the down-converted in-
terference.
BWeff,noise : the signal bandwidth to calculate the integrated power.

In the operation of PLL, there are some inevitable fractional spur or the reference spur
(far from the adjacent because of the much higher reference frequency). These spurs will
also degrade the SNR ratio due to the reciprocal mixing, while these spurs have much
higher energy compared with the phase noise. At the same time, the maximum spur level
can be estimated using the following equation, which is similar to equation 1.12.
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Figure 1.14: Power consumption for typical applications including BLE and power den-
sities for various energy sources.

Spurmax,≥3MHz ≈ Swanted−Sunwanted−SNRmin (1.13)

Considering the desired signal level with -67 dBm under a -40 dBm blocker at 3-MHz
offset, a LO noise performance of less than -99 dBc/Hz at 3-MHz offset with lower than
-40 dBc spur level is strictly required. However, in the real application, multiple interfer-
ences may exist, and the noise contribution from other non-ideal components,e.g., DC-
DC converter, should also be considered. As a result, the phase noise performance lower
than -110 dBc/Hz and a maximum spur ratio lower than -50 dBc is sufficient in the BLE
transceiver design.

1.4 Long Life-Time and Easy Implementation

The power consumption will be mainly dominated by the TX and RX active power if
multiple transmitting and receiving steps are required. After finishing the receiving and
transmitting steps, the TRX will do some post-process and enter the sleep mode to save
the power. A typical coin battery is compact for its size. However, the energy it contains
is also limited by its size. For example, an SR44 alkaline coin battery contains energy of
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Figure 1.15: A typical application circuit shown in CC-series SoC data-sheet.

150 mAh. To breakthrough the battery capacity limitation, energy harvesting technology
can be adopted.

As shown in Fig. 1.14, the power requirements of different applications, e.g., WiFi
application and the commercial Bluetooth application, and the power densities for various
energy sources, e.g., mechanical sources and the RF radiant source such as the wireless
power transfer. Our previous BLE TRX work already achieved reported lowest BLE
transceiver power consumption, which is also marked in Fig. 1.14. The source type which
can be selected for the IoT application mainly depends on its application. There are some
consideration including the target market, the energy efficiency, transmission strength
and also the cost. What should be noticed here is that the cost should also include the
consideration of the lifetime since the average cost can be reduced with an enhanced
lifetime, as the following equation shows.

CostAVG,year =
CostDesign +CostChip +CostPackage +CostPCB + · · ·

Li f e Time
(1.14)

Since several approaches can be utilized to enhance the lifetime, such as using the
high energy density battery, energy harvested method (special application), and using
the off-chip components to lower the loss. However, these methods just put the cost
increase on the battery cost or the device/PCB cost. The PCB implementations, includ-
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Figure 1.16: Previous of BLE works.

ing the BLE SoC, radio frequency input-output, and metal planar antenna, are shown in
Fig 1.17. Through the off-chip component, e.g., antenna switch, has better performance,
e.g., < 0.5 dB insertion loss. The total cost may be increased due to the large PCB area
and the cost from the off-chip components.

A typical PCB implementation using the commercial SoC (Texas Instruments CC-
25XX [10]) is shown in Fig 1.15. Two crystal oscillators are implemented in this applica-
tion circuit. One is the 32.768 kHz with an ultra-low power consumption, which is always
on and works for the sleep timer and watchdog timer. Another one is the 32 MHz ref-
erence, and it is mainly for the RF operation, which can provide a much more accurate
high-frequency reference. In this implementation, the passive components, except for the
two crystal, is mainly used in the radio frequency port. As shown in Fig 1.15, the total pas-
sive components, e.g., capacitors and inductors, for the antenna connection is nine while
only six passive components and two crystal oscillators for other functions. Considering
the normal price of the passive components, e.g., 0.006 $ for each capacitor, the total cost
for the antenna connection in the BLE SoC implementation is over 20% of the total PCB
cost (without considering the cost for the soldering).

Another two BLE works are shown in Fig. 1.16. In [11], off-chip filters are required
while two SMA connectors are embedded with the PCB to connect with two antennas.
Otherwise, an off-chip antenna switch is required. The off-chip area is inevitably in-
creased with more off-chip components, and it is difficult to make the BLE module be-
come smaller due to the PCB size. The other one is from the Renesas [12]. The on-chip
resonate switch avoids the off-chip antenna switch implementation. However, as we no-
tice, the configurable notch filter implementation leads to the NF degradation due to the
limited impedance from the TX path. Also, as we noticed, there is an additional one
inductor in PA design and two inductors in LNA design, and the total on-chip inductor
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Figure 1.17: The concept of PCB cost reduction for BLE applications.

number is five, which inevitable increases the on-chip area and the cost. Since there is no
LNA bypass route in this design, the LNA will still suffer from the large input power, and
large power is required.

Since the application-specific integrated circuit (ASIC) cost includes the PCB cost
and includes the die cost and the test cost (not considered in this thesis). These three costs
cover most of the ASIC cost. To realize the mass deployment in a cheap way, e.g., mesh
network of sensors. The die cost should also be seriously considered and reduced. Since
we can integrate the off-chip components using the on-chip method in a conventional
way, as shown in Fig. 1.17. However, the size of the die area will inevitably increase. To
maximum reduce the chip area and also the die cost, the passive components in the RFIO
should be designed with reusable functions, especially the inductors for the impedance
matching and the TX harmonic filtering, which takes most of the chip area, as shown in
Fig. 1.18.

Meanwhile, a small and low-power BLE module, within a compact package size,
is extremely attractive for disposable or highly integrated portable devices. That also
means the die area should be minimized but with the whole functions embedded (without
the need for the passive components), e.g., on-chip antenna switch and harmonic filter-
ing. Also, there are some area reduction techniques that can be implemented in the BLE
transceiver design, e.g., the digital phase-locked loop implementation which doesn’t need
a large on-chip filter. The transceiver structure also has to be seriously considered with a
trade-off between the on-chip area and the target performances.

Hence, the main target for this thesis is to achieve remarkable power consumption
(enhanced lifetime) and excellent performances (including the sensitivity, TX efficiency,
ACR, and so on) within a lower overall cost, including the die cost and the PCB cost.

As discussed in Section 1.3, the main challenges remain in the antenna switch im-
plementation, which should consider the RX NF, TX insertion loss, power consumption,
and the on-chip area, and also the LO oscillator which should take the power and the PN
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Figure 1.18: The concept of SoC area reduction for BLE applications.

performance into account. The detailed design target is listed in the following table 1.5 as
the references in the design process.

1.5 Overview of the Thesis

The aim of this thesis is to investigate and achieve a fully integrated small-area and low-
power RF front-end using advanced CMOS technology toward the future IoT technology.
The thesis is organized as follows:

Chapter 1 begins with an overview of the background of the IoT and the different
wireless standards for IoT applications. In this part, the importance of the BLE standard
is discussed. Based on the newly released Bluetooth standard core specification V5.2,
the important specifications have to be analyzed for transmitter and receiver, respectively.
According to the analysis, the key performances of some building blockers and design
targets are specified. Chapter 1 also analyzed the design challenges for the low-power
and small-area BLE TRX design when considering the actual applications.

Chapter 2 introduces an ultra-low-power TF-based VCO for IoT applications. First,
the VCO theory is revised, and some conventional VCO structures, typically low-power
structures, are discussed. The impulse sensitivity function (ISF) is adopted to analyze the
phase noise characteristics of oscillators. And the simulation method of the ISF function
is organized and summarized. The proposed VCO achieves a -114.8 dBc/Hz PN at 1-MHz
frequency offset with a 103 µW power consumption. A -193 dBc/Hz FoM is achieved at
2.6 GHz oscillation frequency. The low-power operation and large transistor size improve
the flicker corner to 16 kHz. The low-flicker noise and good 1/ f 2 PN performance al-
low the open-loop operation in a maximum 17-ms packet length BLE transceiver. And
thus, the power efficiency of the TX can be further improved with the implementation
of the proposed VCO. The PGS embedded TF used in this work indicates that the lay-
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Table 1.5: THE DESIGN TARGETS OF THE LC-VCO, DIGITAL PLL AND THE BLE
TRANSCEIVER.

Parameters Value

TX or RX

PLL Performances
PN@3MHz -120 dBc/Hz

Power < 1.5 mW
Frac. Spur level -50 dBc

VCO

PN@1MHz -110 dBc/Hz
Power < 200 µW

Tuning Range 2.1 GHz∼2.7 GHz
Flicker Corner < 50 kHz

RX

Sensitivity Target -90 dBm
Maximum Input Power Target +10 dBm

Packet Error Rate
(Bit Error Rate)

30.8%
(0.1%)

Adjacent Channel Rejection Fulfill Yes
Power < 3 mW

Blocker Fulfill Yes

TX

Output Power
Maximum 0 dBm
Minimum -10 dBm

FSK error Maximum < 3 %
Spectrum Fulfill Yes

Off-chip Filter No
TX efficiency > 15%

TRX On-chip Area < 1 mm2
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out can be realized with a smaller on-chip area. The core area of the proposed VCO is
only 0.12 mm2, as same as the transformer itself. To mitigate the PN degradation from
the voltage ripple introduced by the DC-DC converter in battery-powered portable de-
vices, a supply pushing reduction loop is embedded with the VCO while consuming no
additional voltage headroom. The power consumption of this loop is also minimized to
40 µW, and the supply pushing is reduced to 2 MHz/V, resulting in a -50 dBc spur with
5 MHz sinusoidal ripples. This chapter also presents a good jitter performance and low
power consumption injection-locked clock multiplier (ILCM) for IoT applications in 65-
nm CMOS. A transformer-based ultra-low-power (ULP) LC-VCO is proposed to mini-
mize the overall power consumption. The introduced capacitor feedback path boosts the
VCO loop gain, and thus a robust startup can be obtained. The proposed transformer-
based VCO achieves−115.1 dBc/Hz at 1 MHz frequency offset with a 97 µW power con-
sumption, which corresponds to a -194 dBc/Hz VCO figure-of-merit (FoM). Thanks to
the proposed low-power VCO, the total ILCM achieves 78 fs RMS jitter while consum-
ing 210 µW power. A -269 dB FoMJP of jitter and power is achieved by this proposed
ILCM, and a -262 dB FoMJRP is obtained while considering the 520 MHz input reference
with multiplication factor equals to 5.

Chapter 3 presents a miniaturized Bluetooth Low-Energy (BLE) transceiver (TRX) for
short-range Internet-of-Things (IoT) applications in 65-nm CMOS. An integrated Radio-
Frequency Input-Output (RFIO) embedded with transmitter/receiver (TX/RX) switch func-
tion and on-chip impedance matching is proposed. A hybrid-loop TRX structure based on
a wide-BW fractional-N digital phase-locked loop (DPLL) is implemented to achieve the
maximum power reduction. A -94 dBm receiver sensitivity is achieved with 2.3 mW re-
ceiver (RX) power consumption while an RF receiving bypass route integration enhances
the input power tolerance. The BLE transceiver delivers -6 dBm output power while con-
suming 2.6 mW and achieves 18.5% maximum TX efficiency at 0 dBm output power.
Thanks to the RFIO with harmonic suppression, -56 dBc of 2nd-order harmonic distortion
(HD2) and -48 dBc of 3rd-order harmonic distortion (HD3) suppression are achieved with
0.85 mm2 on-chip area. This transceiver satisfied the BLE radio specification without the
need for external filters and with low-power consumption, which enables minimum size
and long lifetime modules.

Chapter 4 is the conclusions for the thesis and the presented studies. Finally, future
works are discussed for further developing the presented researches in this thesis, such as
the Bluetooth 5 TRX and the high-performance frequency generator. In the Bluetooth 5
TRX design, a current-reused ring oscillator based low-power transmitter design is intro-
duced. And multiple modes of the combination of the LC-oscillator and ring oscillator
are conceived to realize both low-power mode and high-performance mode, which are
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specified in a new standard.

The structure diagram of this thesis is shown in Fig. 1.19. The techniques presented
in Chapter 2 can be potentially applied in BLE transceiver designs to reduce the on-chip
area and power consumption. All the techniques proposed in this thesis can be candidates
for the next generation BLE TRX transceiver design towards 5.2. The proposed low-
power VCO techniques can achieve sufficient phase noise performance, which can satisfy
the high output power required TX design. The injection locking techniques can also be
potentially used in the TX modulation, in which the spur emission issue should be solved.
A similar small-area RFIO design can also be applied in the v5.2 TRX with the reduced
on-chip area and off-chip components.

As we know, the whole Bluetooth transceiver is a big system that includes a controller,
e.g., physical layer and link layer, host which includes such as logical link control and
security manager, and also the applications. In this thesis, a part of the physical layer is
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introduced, which also includes many circuits. Some improvements and innovations in
the part are introduced and elaborated. I hope that these contents can inspire the future
generations about their work and play a small but practical role in the next applications
coming soon.
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Chapter 2

Ultra-Low-Power Transformer-based
LC-VCO

2.1 Low-Power LC-VCO and Implementation in PLL De-
sign

In recent years, internet-of-things (IoT) has attracted a lot of attention, and in which the
wireless transceiver plays a demand those transceivers with the embedded low-power
operation to extend its lifetime with a limited battery capacity [11][13], and miniaturized
modules to realize high integration and lower costs [14]. As an essential component of
the frequency synthesis part in wireless transceivers, VCO is always power-consuming
[15] and sensitive to DC supply variation. The ring oscillator is attractive to its small area
occupation, but the poor phase noise (PN) performance limits its application on the high
standard transceivers. Also, it is hard for the power of ring oscillators to be lower than
1 mW at several GHz applications while keeping a sufficient PN performance [16]. LC-
VCO, which has much better PN performance and lower power consumption, is suitable
for some popular wireless standards, such as Bluetooth [4]. However, the sizable on-chip
inductor size is contrary to the miniaturization of the transceiver. As introduced in one
of the Bluetooth low-energy (BLE) transceiver (TRX) design [15], -99 dBc/Hz at 3-MHz
offset is required for a phase-locked loop (PLL) when considering the most stringent
ACR performance. Thus, an LC-VCO, which can achieve lower than -110 dBc/Hz PN, is
sufficient for BLE standard with enough margin. Meanwhile, the open-loop operation of
VCO can be beneficial in saving TX power without any budget for other blocking of PLL,
which requires the VCO to have a low-flicker corner and a better 1/ f 2 PN performance
[17].
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Figure 2.1: Structure of the traditional charge pump based PLL.

2.1.1 LC-VCO in Conventional PLL Design

In a transceiver, the phase-locked loop is the critical component that provides the precise
frequency (phase) in radio frequency for the signal up/down conversion. The LC-VCO
can provide a radio frequency signal. But due to its frequency instability and phase un-
certainty, the LC-VCO’s RF signal can’t be used directly. The PLL is such a kind of
feedback loop that utilizes a reference signal to correct the LC-VCO’s LC-VCO’s out-
put phases, the PLL synchronizes VCO frequency, e.g., 2.4 GHz, to input a reference
frequency, e.g., 40 MHz, through feedback. To understand the role of VCO, let’s briefly
review the conventional analog type PLL (charge pump based PLL, CPPLL). The CPPLL,
comparing with the emerging digital type PLL, still has better phase noise performances
with a simple structure but a larger on-chip area. We can derive a similar structure from
the traditional analog PLL and implement it in a digital circuit. The traditional CPPLL is
shown in Fig 2.1.

The phase/frequency detector (PFD) compares phase differences between the feed-
back signal from the multi-modulus divider (MMD) and the external reference. And the
PFD will control the upper and the lower current source to charge or discharge the current
into the loop filter by using pulses with short pulse width, which represents the phase
error. The charging/discharging current will be converted into a voltage signal in the loop
filter, and the output voltage will control the VCO oscillation frequency as a correction
signal. For example, assuming the VCO has a leading phase compared with the reference
signal. The PFD will convert it to a negative control voltage to make the VCO slow down,
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Figure 2.2: The frequency-domain model of the traditional charge pump based PLL.

and finally, the phase between the VCO and the frequency can be synchronized.

Since the time-domain model of the PLL is introduced, the frequency-domain model
(same as Laplace-domain) can be expressed as shown in Fig. 2.2. Since the VCO output
frequency can be expressed by using the VCO gain KVCO (in Hz/V) multiplied with the
voltage control signal Vt . The output phase of the VCO can be expressed by integrating
the output frequency. Thus, we have

ΦVCO =
∫ t

−∞

2πKVCOVτdτ (2.1)

According to 2.1, the transfer function of the VCO from its input to the output in the
frequency domain can be expressed as 2πKVCO

s . While considering the transfer function of
the MMD, PFD, and also the loop filter. The forward gain of KForward the CPPLL without
feedback can be written as:

KForward = KPD ·H(s) ·
2πKVCO

s
(2.2)

Meanwhile, the loop gain (with feedback gain GFB = 1
N ) can be expressed as:

GLoop = KForward ·GFB

= KPD ·H(s) ·
2πKVCO

s
· 1

N

(2.3)

From the forward gain 2.2 and the loop gain 2.3, the transfer function of the CPPLL
can be simplified as:
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Gclose−loop =
KForward

1+GLoop

=
KPD ·H(s) · 2πKVCO

s

1+KPD ·H(s) · 2πKVCO
s · 1

N

=
2πKPDKVCOH(s) ·N

sN +2πKPDKVCOH(s)

(2.4)

To simplify the close-loop transfer function analysis, the KPD and the divider ratio N
are specified to 1. The transfer function of the CPPLL can be re-written as:

Gclose−loop =
2πKVCOH(s)

s+2πKVCOH(s)
(2.5)

The number of the pole in the close-loop function equation 2.5 will decide the type
of the feedback control system. If there is only one pole, which means there is no pole
from the loop filter H(s) and the only pole in the denominator is from the VCO, we call
this type of PLL is Type-I PLL. Type-I PLL shows better responding speed and, in other
words faster initial frequency acquisition. However, its noise performance is not as good
as the Type-II PLL, which has two poles in the denominator (another introduced by C2 in
loop filter), as the loop filter shown in Fig. 2.1.

H(s) =
1

sC2 +
1

1
sC1

+R1

=
sC1R1 +1

s2C1C2R1 + sC1 + sC2

(2.6)

The static phase error in Type-II PLL is zero, and this type of PLL performs a better
noise filtering capability, which results in a better phase noise performance. What should
be noticed in the traditional analog PLL design, the loop filter will occupy a large on-chip
area due to the huge capacitance value, which is a trade-off with the noise performance.
Through the noise from the loop filter will experience the 1st order low/bandpass filter
characteristic (noise transfer function, determined by is there a pole in the filter). To mit-
igate the kT/C noise (from capacitor) and thermal noise (from resistor) in the total noise
contribution in a narrow-band PLL design, the resistance can’t be very large that results
in a much larger capacitor size (Comparable with inductor area), which can’t benefit from
the scaled and more advanced process.

The VCO noise contribution in the traditional PLL design will experience a 2nd-order
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Figure 2.3: Frequency-domain model of the VCO noise contribution in traditional charge
pump based PLL.

high pass filter characteristic, and the noise transfer function of the VCO can be written
as:

ΦOUT

Φn,VCO
=

KForward

1+GLoop
in this case KForward = 1

=
1

1+
KPD·H(s)·2πKVCO

Ns

=
s

s+
KPD·H(s)·2πKVCO

N

(2.7)

In which, a simple loop filter H(s) =
KLF

s is considered with only one integrator instead
of a complex transfer function, which is shown in equation 2.6. Thus, the noise transfer
function of the VCO can be re-written as:

ΦOUT

Φn,VCO
=

s2

s2 + KPD·KLF·2πKVCO
N

(2.8)

The noise transfer function 2.8 in of the VCO shows a 2nd-order high pass filter char-
acteristic. While the noise of the other component, e.g., reference, PFD, and the loop
filter, will experience low-pass or band-pass characteristics. That also means noise out of
the PLL bandwidth will mainly be determined by the VCO noise.

The CPPLL has been the most popular PLL architecture because of its good phase
noise performances and robust implementation. CPPLL already achieve high perfor-
mances and a good figure of merit (FoM). However, with the process scaling down, the
digital process has more advantages in the calibration integration and the fully synthesiz-
able circuit designs, which can be configured very quickly. Typically, the digital circuit
like the digital filter can be easily realized in a much smaller area than the analog one
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consisting of large capacitors. Also, the digital signal processing techniques can be ap-
plied in the digital phase-locked loop design, which makes the DPLL has more complex
functions and comparable performances. To investigate the VCO noise in the DPLL, one
conventional DPLL mode is shown in Fig. 2.4.

In the conventional structure of the DPLL, a time to digital converter is utilized to de-
tect the phase difference between the feedback signal from the divider and the reference,
which plays the same role as the PFD in the CPPLL. Generally, a counter which counts
at each VCO cycle can be utilized to find the frequency error, e.g., the counter based
frequency locked loop. However, the phase information within one VCO cycle can’t be
extracted because the resolution of the integer counter is limited to one VCO cycle. Thus,
a counter with a much smaller phase detector should be utilized to find the phase infor-
mation instead of just using a counter. This structure also uses the delta-sigma modulator
(DSM) and a multi-modulus divider (MMD) at the feedback path similar to the CPPLL.
The FCW is over-sampled by the reference clock and input into DSM. The output of the
DSM is modulated into the same length of the MMD control bits. To realize the frac-
tional part, the modulated output of the DSM will dither the divider ratio of the MMD,
e.g., 60 and 61. Therefore, the average value of the divider ratio, e.g., 60.5, should equal
the integration of the FCW after many reference cycles.

Firstly, we consider the DPLL without the DTC, which eliminate the quantization
error from the MMD operation in fractional mode. If the phase from the MMD doesn’t
align with the input reference, the TDC will produce a digital code that corresponds to the
phase difference. The digital loop filter will filter this digital code and adjust the digital
controlled oscillator phase. This operation is similar to the phase control in the CPPLL.
The option of the TDC works as the phase error detector, which is the same as the PFD
and the charge pump.
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In the counter-based DPLL case, the TDC range should be equal to the one DCO
cycle. Otherwise, a large fractional spur will appear if there is any mismatch between
the TDC range and the DCO cycle. In the divider-based DPLL structure, since there
is no DTC that mitigates the MMD quantization noise, the TDC range should be larger
than one DCO cycle (1st-order DSM case), which needs a quite large range with a fine
resolution. With a higher-order DSM implementation, the TDC range also needs to be
enhanced, which leads to a dramatic increase in power consumption. Also, both the TDC
and the counter will work in the DCO cycle without the divider, which consumes much
power. In the divider-based structure, only the first stage of the MMD works in the DCO
frequency, which saves much power.

Since the TDC range should be quite large, also both linearity and resolution are
important for a low fractional spur and in-band phase noise performance. The divider-
less structure requires a much large TDC power, and it is not applicable in the low-power
frequency synthesizer design. Since we notice MMD works as an integer phase integrator,
which introduces a large quantization error. Suppose MMD can work as a fractional
integrator with a fine resolution, the TDC range can be dramatically reduced, which saves
much power. Since a digital to time converter (DTC) is inserted in the feedback path
after MMD, a fractional integrator with fine resolution can be realized, which is shown
in Fig. 2.4. The quantization error from MMD can be reduced to several times of the
DTC resolution, which results in a huge TDC range reduction (1 bit TDC, a latch-based
BBPD can be applied). However, to exactly realize the fractional divider operation with
a fine resolution, the DTC tuning range must be calibrated as same as the DCO cycle.
If the DTC range (according to the DTC control code from the DSM) is larger than the
DCO cycle, the resolution of DTC will be degraded. If the DTC range is less than the
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DCO cycle, the TDC range must be enlarged to cover the remaining phase difference. To
realize this, an LMS algorithm [18] can be utilized by calculating the correlation of TDC
output and DTC control code, which is shown in Fig. 2.5.

In the conventional DTC design, the resolution of DTC can be reduced to lower than
1 ps with a more than 600 ps range (1.5 times DCO cycle) with lower than 100 µW power,
which is sufficient in the low-power design such as BLE. With assistant from the DTC,
the TDC range can be reduced, and a time-amplifier (TA) can be implemented to achieve
a smaller equivalent TA resolution, which leads to low in-band phase noise. As shown
in Fig. 2.5, the flash-type TDC is the most commonly used in the low-power design with
advanced technology. With a delay chain which consists with multiple buffer cell in a
standard digital library, analog phase interpolation is generated and used to compare with
another path input signal (reference signal). The leading phase will generate the "1" code,
while the lagging phase will generate the "0" code. With a thermal to binary decoder, the
phase information between the two input signals can be detected, which a conventional
linear gain (step). The resolution and the linearity of the flash-type TDC are limited to the
delay of each buffer cell and the mismatch between each buffer. To further improve the
equivalent resolution, as mentioned, a TA can be utilized. And because the total range of
the TDC is narrow, the linearity introduced by the mismatch of the cells can be ignored,
which is much smaller than the resolution.

The compromise between power consumption, linearity, resolution, and noise perfor-
mances should also be seriously considered for DTC design. There are several types of
DTC, such as the ring-oscillator based DTC, variable-slop DTC, and the constant-slop
DTC. The variable-slop and constant slop DTC have better resolution and noise perfor-
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mances with lower power consumption. Because of the finite gain from the comparator
in the DTC, the output delay will have code-dependence due to the different raising slope
rate. The code-dependent delay is the major nonlinearity of the variable DTC. However,
in the constant-slope DTC, the raising slope rate is always the same, while the charge
starting point is determined by the pre-charge voltage. Thus, the code-dependent nonlin-
earity is removed. Still, there is a trade-off between the jitter performance (large current
with large capacitance required) and the power consumption (power consumption from
the current source) in the conventional constant-slope DTC.

To understand the noise contribution of the DCO in the DPLL design, the same analy-
sis method is adopted as in the CPPLL. The model shown in Fig. 2.6 is utilized to analyze
the DCO noise contribution in the digital PLL design.

H(n,DCO) =
ΦOUT

Φn,DCO
=

KForward

1+GLoop
in this case KForward = 1

=
1

1+ T
2π
· 1

∆TRES
·H(z) ·T · 2πKDCO

j2π f ·
1
N ·

1
T

=
1

1+ 1
∆TRES

·H(e j2π f T ) ·T ·
KVCO
2π j f ·

1
N

(2.9)

The output of the filtered DCO noise can be calculated with the derived noise transfer
function and the original DCO noise using the following equation.

PN(DCO,DPLL) = H2
(n,DCO) ·PN(DCO,Original)

= (
ΦOUT

Φn,DCO
)2 ·PN(DCO,Original)

(2.10)

Since we notice the DCO noise transfer function in DPLL is a high-pass function with
a high-frequency gain of 1. That also means the PLL loop cannot filter the VCO noise
at the high-frequency offsets, e.g., 5 MHz. However, an RMS jitter is usually integrated
from low frequency (e.g., 1 kHz) to high frequency (e.g., 40 MHz). The unfiltered DCO
noise will dominate the total RMS jitter if the noise of DCO is not good enough. As shown
in Fig. 2.7, noise contributions of DPLL with a -110 dBc/Hz @1 MHz DCO are shown.
To show the effects of different phase noise from the DCO, a -100 dBc/Hz @1 MHz DCO
is adopted while keeping other parameters the same, as shown in Fig. 2.8.
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10
3

10
4

10
5

10
6

10
7

10
8

-160

-150

-140

-130

-120

-110

-100

-90

-80

-70

Shaped DCO PN

Shaped DTC PN

Shaped TDC QN

PLL PN @ 2.4GHz

Ph
as

e 
N

oi
se

 (d
B

c/
H

z)

Offset Frequency (Hz)

PNDCO=-100dBc/Hz@1MHz

Figure 2.8: DPLL noise contribution from each component (PNDCO = -100 dBc/Hz
@1 MHz).



2.1 Low-Power LC-VCO and Implementation in PLL Design 45

L C RP -R
P

A
c
ti

v
e

LC tank
(RP)

Phase 
Noise

P
o

w
e
r 

S
p

e
ct

ra
l 
D

e
n
s
it

y
 (
P

S
D

)

ω0 ω0 +Δω  

Close-in

Far-out

Figure 2.9: LC-VCO model and its power spectral density.

2.1.2 Phase Noise in LC-VCO

After understanding the VCO phase noise contribution in PLL designs, the fundamental
of the VCO phase noise has to be reviewed. Understanding the noise contribution in the
PLL and the VCO noise mechanism will help us design a low-power VCO that meets
noise requirements.

There are mainly two types of VCO in radio frequency generation. One is the ring
oscillator, which typically has a moderate phase noise performance, e.g., >-100 dBc/Hz
at 1 MHz offset, which is insufficient in the BLE transceiver design (discussed in section
1.3). Another type is the LC-VCO, which consists of an LC parallel tank and active
devices (negative resistance), as shown in Fig. 2.9. The power from the active devices
will be injected to the tank to compensate for the loss in the non-ideal LC tank. In the
steady-state, the loss in the LC-tank from the RP will be canceled (balanced) by the active
device with negative resistance −RP.

To understand the operation of the VCO, firstly, the start-up condition should be inves-
tigated. Since the cross-coupled transistors provide negative resistance −2/gm0. The gm0

is determined by the process and the bias current. Mathematically, to satisfy the start-up
oscillation, the value of the−2/gm0 can be selected as the same as the LC tank impedance
RP, which just exactly compensates the energy loss. However, to realize a robust start-
up, the negative resistance gm0 much large than the minimum value, e.g., gm0 = 3gm0,min.
Also the product of the tank impedance RP and gm0 is defined as the excess gain, as shown
in following equation.

GX = gm0 ·RP (2.11)
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Since the excess gain GX has a positive correlation with the flicker noise and also
a large gm0 will lead to the transistors work in the triode region (degrade phase noise
performance), the selection of the gm0 should be careful to satisfy the oscillation condition
and to pursue a good phase noise performance.

The phase noise of the VCO is defined in the frequency domain, while the time-
domain model of the VCO, as shown in Fig. 2.10, can be expressed as:

Vout = Acos(ω0t +φ(t)) (2.12)

where the A is the oscillation amplitude, and ω0 is the center oscillation frequency,
which is equal to the frequency with maximum parallel impedance (ideal case). Here,
φ(t) is a small random phase variation in the period, and commonly we called this φ(t)
as the "phase noise". Since the phase variation φ(t) is a small value (� 1◦), the equation
of the output waveform can be re-written as:

Vout = Acos(ω0t)−Aφ(t)sin(ω0t) (2.13)

From this equation, we can find that the spectrum of the phase variation is translated
into the center frequency ω0. We can also guess that the closer to ω0 will have the higher
the spectral power density. To measure the purity of the oscillation, the noise power in a
1-Hz unit bandwidth at an offset frequency ∆ω is considered and divided by the carrier
power. The divided result in dBc/Hz is written as:

L(∆ω) = 10log10(
Noise Power in 1 Hz Bandwidth at ∆ω offset

Carrier Power
) (2.14)
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According to the LC tank impedance at an offset frequency ∆ω ,

Z(ω0+∆ω) ≈ j · ω0L
2∆ω

ω0

(2.15)

By utilizing this equation, the noise power at the ∆ω can be calculated, and the phase
noise can be written using the noise power divided by the signal power, which is

L(∆ω) = 10log10

[
2kT
Psig
· ( ω0

2Q∆ω

2
)

]
(2.16)

According to this basic equation [19], experimentally observed phenomena are added
to the equation. That’s the famous Leeson’s phase noise model, which is written as:

L(∆ω) = 10log10

[
2kT
Psig
·
(

1+(
ω0

2Q∆ω
)2
)(

1+
∆ω1/ f 3

|∆ω|

)]
(2.17)

Q: is defined as the loaded quality factor of the tank, which is expressed as Q=R/(ω0L)=
1/(ω0GL) (R/G represents the equivalent resistance of the transistors/transconductance).
k: is Boltzmann’s constant.
T : is the absolute temperature in Kelvin.
Psig: signal power in the tank at the desired frequency.
ω0: oscillation frequency.
∆ω0: offset frequency.
∆ω1/ f 3: is the boundary between the 1/ f (2) region and 1/ f (3) region.

From this equation, the main difficulty in VCO design is that the loaded tank quality
factor Q and the signal power in tank Psig. To enhance the Q, the current has to be in-
creased (in other words, increase transconductance G with smaller inductance L) while
the power loss in the tank should be minimized. In the low-power LC-VCO design, the
focus is on how to achieve larger tank impedance and sufficient gm to realize a robust
start-up and how to maintain the phase noise performance with a limited current (since
the L has to be large to provide enough impedance and gm is limited by the current, the
only thing we can do is try to improve the Psig with the limited power). According to the
Leeson’s equation, the oscillator FoM can be derived as:

FoM = L(∆ω)−20log10
ω0

∆ω
+10log10 PDC (2.18)
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ISF Function and Simulation Method

Since the impulse sensitivity function (ISF) allows the designer to estimate the phase noise
coming from a specified noise source and also plays a guiding role in noise optimization,
the conventional ISF simulation methods, which based on the transient simulation, show
difficulties in the suitable current pulse selection (large current pulse will result in a wrong
result and too small current pulse will be affected by the numerical error). Also, the con-
ventional way is time-consuming and becomes unsuitable for optimization, which needs
to repeat many times.

To understand the conventional method to simulate the ISF function, Fig. 2.11 can be
utilized.

Power Reduction with Phase Noise Improvement

Several low-power LC-VCO candidates are shown in Fig. 2.12. To lower the power con-
sumption, the conventional CMOS-type VCO is a strong candidate with lower power con-
sumption and sufficient phase noise performance. However, when the current is limited
to lower than 200 µA, we notice that introducing the PMOS transistor in the low-power
design is inappropriate because of the much large transistor size (compared with NMOS
transistor). To maximum gm at the start-up condition, the center bias should be fixed to
VDD/2 to make both the PMOS coupled pair and the NMOS coupled pair work in the
saturated region. Thus, the size of the PMOS transistor has to be double (typically, the
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Figure 2.12: Candidates for the low-power LC-VCO design.

ratio of the PMOS and the NMOS transistor are equal to 2). Since the transistor has to
be enlarged to maximum the gm with the limited power. The introduced PMOS transistor
will introduce a much large low-Q capacitance, which degrades the total quality factor of
the bank. Also, due to the non-linear gate capacitance, the noise up-conversion occurs
through this non-linear capacitance. The maximum available oscillation frequency is also
limited due to the large parasitic capacitance.

Here, we discuss a little about the class-D structure, which benefits from its low-
voltage operation. By lowering the power supply, the class-D type VCO seems can be a
candidate as a low-power design. However, in the actual case, the current of the class-D
type transistor can’t be limited due to the lack of a current source. Also, to realize the
switch function, a large size of transistor (> 1 mm) should be implemented, which leads
to a huge current pulse in each period. Meanwhile, the huge transistor size inevitably
introduces a large non-linear and low-Q capacitance. This capacitance limit the maximum
available oscillation frequency and lower the total quality factor of the bank (degrade the
phase noise performance), while serious noise up-conversion occurs through non-linear
capacitance. That is why the measured flicker corner of the class-D type VCO is around
1 MHz [20] while a conventional Class-B type VCO can achieve 200~300 kHz flicker
corner performance.
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2.2 Proposed Gm-Stacked VCO using Transformer

To lower the power consumption of the oscillator in a PLL, a ring oscillator can be utilized
[21]. However, a ring oscillator has poor phase noise comparing with the oscillator, which
significantly degrades PLL phase noise. LC oscillators are still the solution to improve
the PLL noise performance due to the high quality factor (Q-factor) of the frequency se-
lectivity provided by the LC resonator. The conventional CMOS-type LC DCO [15, 22] is
advantageous for obtaining a larger output swing in the current-limited region, in which
the output swing VAMP is mainly limited by the available tank impedance. Hence, it is
inevitable that for achieving low current consumption, large size cross-coupled pairs are
required. However, the introduced parasitic capacitance from the large NMOS and PMOS
transistors limits the load inductance and degrades the Q-factor of the tank. Thus, utilizing
conventional CMOS-type DCO in a DPLL targeting for lower than 300-µW power con-
sumption becomes extremely difficult. Some transformer-based DCOs with current-reuse
structure have been proposed to lower their power consumption [23][24][25].

The proposed TF-based DCO [26] is developed to have sufficient output amplitude
with minimum power consumption. A transformer-based resonator is treated as a two-
port network to build the oscillator. Both of the top and bottom cross-coupled pair use
the NMOS transistors to provide the negative resistances to attain a large Gm from each
transistor, as shown in Fig. 2.13(a). The stacked cross-coupled pairs share the same DC
current. The center tap of the primary winding is connected to a voltage source while
the DC current flows into the bottom cross-coupled pair through the center tap of the
secondary winding. The coupling of the transformer corresponds to positive feedback
between the top and bottom oscillators. The transistor sizes in the top cross-coupled pair
are 128 µm/60 nm, and the gate length is 256 µm for the bottom cross-coupled NMOS pair.
Using the NMOS transistors instead of PMOS relaxes the current requirement, which
benefits from its higher mobility. Compared with low-power class-D VCOs shown in
[20][27], a relatively small transistor size is implemented. Therefore, a higher oscillating
frequency and a wider frequency-tuning range can be achieved.

A higher Q-factor of the load inductance is desired in both of the windings to provide
sufficient load impedance for both cross-coupled pairs. To mitigate the Q-factor degra-
dation, a 2:4 co-planar TF structure is adopted, while only one cross-section exists in the
TF to connect with the power supply, as shown in Fig. 2.13(a). In the EM simulation
shown in Fig. 2.13(b), the inductance of the primary winding (LP) and secondary winding
(LS) are 2.7 nH and 6.0 nH at 2.4 GHz, respectively. The magnetic coupling coefficient
(km) is 0.56, while the Q-factor of the primary winding (QP) and secondary winding (QS)
achieve 14.4 and 18.3, respectively. A frequency tuning range from 2.1 GHz to 3.1 GHz
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Figure 2.13: (a) Proposed transformer-based stacked-gm DCO (b) Transformer with EM
simulation results.
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is available from the cooperation of the primary winding, which has a relatively smaller
inductance, and an 11-bit coarse capacitor bank. The large inductance LS ensures the
start-up with a small current. The positive feedback between the coupled windings pro-
vides sufficient output amplitude for the DPLL feedback.

Fig. 2.14(a) provides the details of the tanks, a linearized varactor bank is implemented
for the fine-frequency tuning, and the switch-controlled-capacitor bank is used for the
coarse-frequency tuning. As derived in [28], the main resonant frequency ωL of the tank
can be estimated as

ω
2
L =

1
LPCP(1+ |km|)

(2.19)

The CP and CS represent the top and bottom capacitance. As discussed in [28][29][30],
there is another possible resonant frequency ωH. To avoid the multi-oscillation behavior
in the DCO operation, the capacitor ratio of CP and CS is designed to ensure LSCS/LPCP

in the range of 1.1 ∼ 2.59, at 2.1 GHz ∼ 3.1 GHz. Thus, only a small equivalent tank
resistance exists at ωH [29]. Note that in the ULP DCO design, the transconductance gain
is also too small to maintain the oscillation with the low resistance.

The input impedance of the tank Zin has been discussed in [28]. The Ztop,eq and
Zbot,eq are the differential input impedances from each side of the transformer (primary
and secondary) without loading [28], and the simulated results are shown in Fig. 2.14(b).
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Thanks to the transformer with large inductance and relatively high Q-factor, a 320 Ω

Ztop,eq, and a 750 Ω Zbot,eq are available at lower frequency boundary.

As shown in Fig. 2.15, the cross-coupled transistors must provide sufficient transcon-
ductance (gm) to start the oscillation in the transformer. To obtain the minimum re-
quired gm, the parallel resonance model in [28] is applied in the equivalent circuit. The
load impedance of M1 and M2 transistor is equivalent to the parallel combination of
Zbot.eq and the transformed load impedance R′bot. In case of all the transistors (M1∼M4)
have the same gm0, the negative resistance can be obtained as −2/gm0. According to
the designed value of LSCS/LPCP, the load impedance transfer ratio can be expressed
as the turn ratio LP : LS [28]. Meanwhile, R′bot can be recast as LS/(−gm,M4LP) and
Zbot,eq = ωLLSQS(1+ k)2/(1+QS/QP)≈ ωLLSQS. Thus, the start-up condition is given
as:

gm0 >
2

(1+ LP
LS
)ωLLSQS

(2.20)

Note that both of the top and bottom cross-coupled pairs implements the NMOS transistor
as the active devices, which can provide higher gm0 compared with the same size of PMOS
transistors.

To reduce the total power consumption of the PLL feedback path, the oscillator’s out-
put amplitude should be high enough so that the buffers’ power demand can be alleviated.
In a conventional CMOS type oscillator, the output amplitude can be expressed by using
4IBIASωLQ/π . An inductor with a large inductance L can improve the output amplitude,
but the lower Q-factor and self-resonate frequency will limit its application in the ULP
oscillator designs. In the transformer-based DCO, the transformer based resonator can
offer the voltage gain above kmN, as demonstrated in [29]. According to the value of
LSCS/LPCP, the input impedance of the tank Ztop,eq can be simplified [28] as:

Ztop,eq = ωLLPQP
(1+ km)

2

1+QP/QS
(2.21)

The output amplitude at the OUTN/OUTP node can be estimated as

VAMP ≈
4
π

IBIAS
Ztop,ωL

2
kmN +

4
π

IBIASωL
LS

2
QS (2.22)

The Zbot,eq is estimated as ωLLSQS depending on the value of LSCS/LPCP from 1.1 to
2.59 across the frequency tuning range [28]. In the case of the km = 0.56, the VAMP can be
simplified using the mentioned parameters. (LP = 2.7 nH and LS = 6.0 nH corresponding
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Figure 2.16: (a) Simulated transient voltage waveforms of both cross-coupled pair (b)
Simulated transconductance and channel conductance of M1 and M4 transistors (c) Sim-
ulated ISF and NMF of the M1 and M4 transistors in the proposed DCO.



56 Ultra-Low-Power Transformer-based LC-VCO

Proposed
(This work)

CMOS NMOS

Current IBIAS IBIAS IBIAS

Parasitic 

Capacitance.
NMOS x 4 NMOS x 2 +

PMOS x 2
NMOS x 2

Start-up Gm

(Minimum)

Output 

Amplitude

Area Transformer x 1 Inductor x 1 Inductor x 1

gm0 > 
2

(1+LP/LS) ωLLSQS

 
4

IBIAS ωL
LP QP2

(km
2N+kmN+

LSQS

LPQP
)

 
4

IBIAS ωL
LP QP2

(km
2N+kmN+

LSQS

LPQP
)

gm0 > 
1

ωLQ 
gm0 > 

2

ωLQ 

4
IBIAS ωLQπ

2 IBIAS ωLQ π

Figure 2.17: Theoretical comparison between the proposed TF-based structure and con-
ventional structures.

to QP = 14.4 and QS = 18.3).

VAMP ≈
4
π

IBIASωL
LP

2
QP(k2

mN + kmN +
LSQS

LPQP
) (2.23)

Fig. 2.16(a) shows the simulated transient waveform. With a 200 µA DC current, a
300 mV VAMP can be obtained in the post-layout simulation. The output amplitude is a
linear relation with a bias current of lower than 250 µA current, and the proposed DCO
starts entering the voltage limited region with a larger current.

The proposed TF-based stacked-gm DCO guarantees oscillation at all the PVT corners
with 200 µA current consumption. Fig. 2.16(b) shows the simulated transconductance and
channel conductance of the active devices. The simulated NMF and effective ISF of the
M1 and the NMF of the M4 transistors are shown in Fig. 2.16(c). Compared to the con-
ventional class-B type DCO, the effective noise power of the active devices is close to the
conventional designs. The simulated phase noise is -107dBc/Hz at 1MHz at a very low
power consumption of 100 µW. The phase noise contribution is mainly from the tail tran-
sistor, which can be improved by replacing it with a tunable resistor or the tail inductor.
An inverter-based with resistor feedback DCO buffer is adopted to minimize its power
consumption. With a 300 mV output swing from the DCO, the buffer and the sampler
only consumes 54 µW in post-layout simulation. Theoretical comparison between the
proposed TF-based structure and conventional structures is shown in Fig. 2.17. Benefits
from the passive gain in the transformer, the required minimum start-up gm is reduced
while the output amplitude is enhanced.

Compared with the conventional CMOS structure VCO design, avoiding PMOS tran-
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sistor implementation can obtain the same transconductance while introducing smaller
parasitic capacitance. That improves the oscillation frequency and relaxes the inductance
selection. The theoretical start-up Gm calculation indicates that the Gm also benefits from
its passive gain between primary and secondary windings. The theoretical amplitude cal-
culation of the steady-state of the oscillation proves the characteristics of the transformer
highly determine the output amplitude. Thus, a higher coupling factor and passive gain
are desired.

2.3 Design Procedures of Transformer-Based VCO

Fig. 2.18 shows the general design procedures of the transformer-based VCO. Typically,
the first step of the VCO design is choosing a proper transistor. What should be noticed
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here is that the transistor selection method for better phase noise performance and lower
power performance is totally different. The detailed optimization of the conventional LC-
VCO can be found in [31]. According to the power budget, the transistor size must be
specified. In this step, two points must be considered. One is the introduced parasitic
capacitance, which will limit the inductance value and oscillation frequency, and another
one is the minimum Gm for robust start-up must higher than the theoretically calculated
value (e.g., two times). The usage of ideal component (e.g., MIND and INDQ compo-
nents in Cadence analoglib) can simplify the transformer design with specified values.
What should be noticed is that the specified should close to the real cases (need several
tests and on-chip inductor/transformer design experiences). If the simulation results can
be achieved with the specified value, then go to the next step with building the actual
transformer and use this transformer in a real VCO design. As shown in the design flow,
there are feedback loops. In case of the goal cannot be met, we need to reconsider the
design goals.

2.4 Area-Reduction and Supply Pushing Reduction

The PN performance of LC-VCO is highly determined by the load tank’s quality factor
(Q) [32]. Thus, to reduce the total on-chip area, the area of the inductor can be minimized
while ensuring a specific Q value and inductance. To reduce the losses introduced by the
low-resistance silicon substrate, the PGS is employed as a terminal to the electric field
leaking into the substrate [33]. The abundant silicon under the PGS can potentially be
used for the other components, as shown in Fig. 2.19. With assistant from the PGS, the
circuitry associated with the VCO can be placed underneath the inductor or transformer
built by using ultra-thick metal (UTM) layer. Thus, the on-chip area can be further shrunk.

Conventional complementary LC-VCO has been introduced from the last century to
reduce power consumption [34] and has been improved with a lower power consumption
[35]. As we noticed, it is inappropriate to introduce the large PMOS transistors in a ULP
VCO design (e.g., ≤ 120 µW). To maintain a constant oscillation with a small current, the
VCO transistors have to be large enough to provide sufficient transconductance. However,
the parasitic capacitance of the PMOS transistor heavily degrades the Q-factor of the total
tank, and it will also limit the available inductance and oscillation frequency. To mitigate
the usage of the PMOS transistor and maintain an adequate PN performance with about
100 µW power consumption, a current-reused TF-based LC-VCO, which uses NMOS
only as the negative resistance is introduced. The transformer is designed to have large
inductance for both primary and secondary windings with a compact on-chip area.

Those portable devices powered by the batteries use dc-dc converters to transform the
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voltage of power sources to the acceptable voltage level of the circuitry. Thus, the output
voltage ripples inevitably exist in the output node. Meanwhile, the VCO frequency is
heavily influenced by the unstable voltage supply. Large spur will present in the output
spectrum, which degrades the PLL performance heavily and the TRX performance. Thus,
a conventional off/on LDO is generally implemented to suppress those voltage ripples and
drops. However, an additional voltage headroom is required for the LDO implementation,
which also means the voltage efficiency is directly decreased. To avoid the additional
voltage headroom requirement and improve the total power efficiency, a low-power and
block-simplified supply pushing reduction loop is proposed by directly controlling one of
the cross-coupled transistor bias points.

This chapter presents a miniaturized transformer-based ultra-low-power (ULP) LC-
VCO with embedded supply pushing reduction techniques for IoT applications in the
65-nm CMOS process. To reduce the on-chip area, a compact transformer patterned
ground shield (PGS) is implemented. The transistors with switchable capacitor banks and
associated components are placed underneath the transformer, which further shrinking
the on-chip area. To lower the power consumption of VCO, a gm-stacked LC-VCO using
the transformer embedded with PGS is proposed. The transformer is designed to provide
large inductance to obtain a robust start-up within limited power consumption. Avoiding
implementing an off/on-chip Low-dropout regulator (LDO), which requires additional
voltage headroom, a low-power supply pushing reduction feedback loop is integrated
to mitigate the current variation. Thus the oscillation amplitude and frequency can be
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stabilized. The proposed ULP TF-based LC-VCO achieves phase noise of -114.8 dBc/Hz
at 1 MHz frequency offset and 16 kHz flicker corner with a 103 µW power consumption
at 2.6 GHz oscillation frequency, which corresponds to a -193 dBc/Hz VCO figure-of-
merit (FoM) and only occupies 0.12 mm2 on-chip area. The supply pushing is reduced to
2 MHz/V resulting in a -50 dBc spur, while 5 MHz sinusoidal ripples with 50 mVPP are
added to the DC supply.

2.4.1 Transformer with Patterned Ground Shields

As an essential part of PLL, as mentioned earlier, VCOs are desired with sufficient PN
performance and power consumption as low as possible. As one of the state-of-the-art
PLL shows [15], the VCO takes more than 40% of the total power consumption. Some
Low-power VCOs have been introduced with significant power reduction [35–39]. How-
ever, several of them achieve sufficient PN (e.g., ≤ −110 dBc/Hz at 1-MHz frequency
offset in BLE TRX), low-power (≤ 120 µW), and small on-chip area (≤ 0.15 mm2) si-
multaneously. Thus, a low-power and compact LC-VCO is suitable for long-lifetime and
low-cost IoT applications. In this section, the operation of the proposed TF-based com-
pact and low-power VCO will be elaborated.

In low output power BLE TRX designs [14][15], the PLL can consume more than 30%
of the TX total power. However, according to the BLE standard, a ±50 kHz frequency
shift can be tolerated within a single packet, which indicates that the TX can modulate
the VCO frequency directly using an open-loop operation after the PLL is turned off.
Consequently, higher TX efficiency can be achieved [17]. The latest VCO frequency
shift is from the oscillator’s residual FM noise and also the variation from the DC supply
and temperature. To realize a maximum ±50 kHz frequency shift with consideration for
voltage and temperature variation, the residual FM (∆ fFM) should be less than 2.4 kHz
with a 20% margin, according to [17]. The ∆ fFM of VCO’s can be calculated by

∆ fFM =

√
2
∫ fb

fa
(∆ f ) ·L (∆ f ) ·d(∆ f ) (2.24)

in which L (∆ f ) represents the VCO phase noise at the offset frequency ∆ f , and accord-
ing to [17], the integration range is from 50 Hz ( fa) to 1 MHz ( fb), which is determined
by the packet length and the FSK symbol rate respectively. A VCO with good 1/ f 2 PN
performance is a potential candidate for the open-loop operation, even with a moderate
flicker noise performance. However, to achieve a good 1/ f 2 PN, larger power consump-
tion with a higher Q-factor is required at the same time according to Leeson’s equation,
and that conflicts with the low-power and compact area demanded by the IoT applications.
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As a result, a low-flicker noise VCO with sufficient 1/ f 2 PN performance is much
more appreciated for TRX implemented in IoT applications. Oscillator phase noise has
been discussed and analyzed in [40][41][42]. As demonstrated in equation (51) in [42],
the up-converted flicker noise in a conventional CMOS-type VCO can be estimated as
single sideband to carrier ratio (SSCR) at frequency ωm as

SSCRωm =

(
Kn

F
C′oxL2

n
+

Kp
F

C′oxL2
p

)(
2π

ω3
m

)
·
(G2

X−1)2ω0

2 ·322A1Q3C
(2.25)

where Kn,p
F and C

′
ox are process dependent constants, Ln,p is the MOS channel length, A1

the amplitude of fundamental frequency, Q the quality factor of the tank, ω0 the oscilla-
tion frequency. A lower flicker noise corner can be achieved by appropriately selecting
the excess gain, which is defined as GX = gm ·R where gm is the small-signal transconduc-
tance of the cross-coupled transconductance and R is the tank impedance, or improving
the Q factor of the tank. In this work, both of the transistor size and the transformer
shape are optimized to achieve a minimum GX ≈ 2 with a lower than 100 µW power.
Equation (2.25) also indicates that a large fundamental amplitude A1 also helps reduce the
flicker noise.

To achieve a VCO with low-power consumption and good PN performance, the in-
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ductor/transformer is the critical component that is needed to provide a large inductance
with a high enough Q-factor. Generally, the total tank’s Q-factor and available impedance
are primarily dependent on the inductor/transformer’s performances. Because of its im-
portance, the inductor/transformer needs to be carefully designed and modified.

Fig. 2.20 shows that the transformer includes a PGS, which is built with the interme-
diate layer (M6). Usually, only one UTM layer exists in modern CMOS technology. In
this implemented 65-nm process, the top metal (M9) is the thickest metal, which is 3.4 µm
and beneficial to build a high Q-factor inductor/transformer. The co-planar TF structure
can be potentially more area-efficient [43]. However, due to the lack of multi-layer thick
metal, the Q-factor will be degraded due to the multiple crossing intersections, which is
inevitable in TF with a large inductance value. Both the primary and secondary windings
are symmetrical and embedded with center taps. To maximize the inductance of both
windings, the primary is constructed with three turns, and the secondary winding has four
turns. Due to the large capacitance between the windings and the PGS layer, the width
of windings has to be chosen with sufficient self-resonating frequency. To realize a VCO
oscillating at 2.4 GHz, the self-resonating frequency is designed to be more than 5 GHz.
Fig. 2.21 and Fig. 2.22 show the electromagnetic (EM) simulation results.

The inductance of primary and secondary windings are 3.2 nH (LP) and 6.7 nH (LS),
respectively, which is shown in Fig. 2.22. The Q-factor of the first winding (QP) ex-
ceeds 10, and the Q-factor of the secondary windings (QS) achieves 16, as shown in
Fig. 2.21. A comparison of the Q-factor between with and without PGS is also observed
through Fig. 2.21. Due to the large capacitance between the windings and the PGS, the
self-resonating frequency is decreased from more than 7 GHz to 5.5 GHz. Though the
co-planar TF structure is utilized with separated windings, both windings show strong
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Figure 2.22: EM simulation results of the transformer: inductance and coupling factor.

coupling, and the coupling factor (km) is over 0.5. Thanks to the large inductance from
the secondary windings with high Q-factor, the large enough resonant impedance is avail-
able from the secondary winding, and thus a robust start-up with an ultra-low current
consumption can be realized.

There are 10 µm spacing between the primary and secondary windings. By chang-
ing this spacing, the mutual inductance (coupling factor) can be controlled. The simu-
lated coupling factor, quality factor, and inductance of secondary winding are shown in
Fig. 2.23(a) and Fig. 2.23(b). Notice that the outer radius is kept constant. To avoid the
multiple oscillation frequency [29], a large than 0.5 coupling factor is realized with 10 µm
spacing. Also, the quality factor is nearly constant with larger spacing, but the inductance
is decreased as linear. A 10 µm spacing also can realize both large inductance and the
high-quality factor for the secondary winding.

With the implementation of the PGS, 20% area reduction can be realized in this VCO
with only slight PN degradation (<1 dB in simulation) due to the minimal Q-factor degra-
dation (<2). A higher area efficiency can be realized when this TF-based VCO is imple-
mented in the TRX design because the large digital components and analog circuitry
constructed using low-level metal can be placed underneath the TF together.

Note that this PGS technique presented here is only implemented in this VCO de-
sign and not implemented in BLE transceiver design, which will be introduced in next
Section 3. As indicated in Fig. 2.21, the quality factor is heavily decreased due to the
implementation of the PGS, while the quality factor will determine the power transfer ef-
ficiency [44]. That is the main reason why there is no PGS for the transformer in the BLE
transceiver design. Since the active transistor is put underneath the PGS, the influence
between the transformer and the transistor should also be considered. According to the
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Figure 2.23: EM simulation results with tuning the spacing between primary and sec-
ondary windings.
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Table 2.1: VCO SIMULATION RESULTS WITH AND WITHOUT THE PGS (SAME CUR-
RENT BIAS CONDITION).

w/ PGS (Sim.) w/o PGS (Sim.)
Architecture TF TF
Tech. (nm) 65 65

Freq. Range (GHz) 2.52∼2.77 2.96∼3.21
Center Freq. (GHz) 2.645 3.09

DC Supply (V) 0.5 0.5
Osc. Power (µW) 103 103

PN@ 1MHz
(dBc/Hz) -115.1 -114.3

Area (mm2) 0.12 0.17

author’s understanding, the PGS has a negligible direct impact on the transistor, which
only introduces a little bit of parasitic capacitance. But it can reduce coupling between
the transformer with bottom wire traces.

Table 2.1 shows the simulation results with and without the PGS. Since the PGS intro-
duces large parasitic between the transformer and ground, the center frequency decrease
around 440 MHz. The quality factor also influences the phase noise performance of the
VCO design. The area estimation without the PGS will be much larger than with the PGS
case. Table 2.2 shows the comparison of the results between the measurement and EMX
simulation results (with PGS). There are two reasons for the additional frequency degra-
dation. The first one is the PGS has introduced more parasitic capacitance because the
active transistor has to be removed in EMX simulation. Also, the process and temperature
variation have a large influence on the oscillation frequency. Typically, the inductance
variation is relatively small ≤ ± 5 %. Meanwhile, the maximum possible capacitance
variation is around 20 %. Also, because all the tested chips are from the same die, it is
possible that the process corner heavily influences center frequency.

2.4.2 Supply Pushing Reduction

Conventional CMOS-type LC-VCO has been widely utilized in low-power PLL and TRX
designs [11, 14, 15], which is advantageous for obtaining a large output amplitude while
working in the current-limited region, as shown in Fig. 2.24. However, to further reduce
the power consumption of the CMOS-type LC-VCO and maintain a good PN is somehow
tricky [15]. In an ultra-low-power LC-VCO design, e.g.,≤ 120 µW, the transistors have to
be large enough to increase current efficiency or obtain a larger gm with the same current
consumption. However, what should be noticed is that the PMOS transistors introduce
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Table 2.2: VCO PERFORMANCES COMPARISON BETWEEN EMX RESULTS AND MEA-
SUREMENT (SAME CURRENT BIAS CONDITION).

Measurement EMX (w/ PGS)
Architecture TF TF
Tech. (nm) 65 65

Freq. Range (GHz) 2.39∼2.64 2.52∼2.77
Center Freq. (GHz) 2.515 2.645

DC Supply (V) 0.5 0.5
Osc. Power (µW) 103 103

PN@ 1MHz
(dBc/Hz) -114.8 -115.1

Area (mm2) 0.12 0.12
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Figure 2.24: Conventional CMOS structure with supply pushing reduction technique of
typical LDO implementation and amplitude tracking feedback.
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Figure 2.25: TF-based LC-VCO with 4-bits capacitor banks and 8-bits resistor banks.

large low-Q parasitic capacitance. The low-Q parasitic capacitance will heavily decrease
the Q-factor of total banks, consequently, limit the available tank impedance and oscil-
lation frequency. Also, due to the non-linear characteristic of the parasitic capacitance,
the up-converted flicker noise will increase from the larger harmonic distortion, and the
1/ f 2 PN will also be degraded due to the lower-Q factor. The NMOS transistor has higher
mobility compared with the PMOS transistor with the same size. A lower DC voltage im-
plementation is also helpful in reducing power consumption with a slightly larger current.
The class-D VCO, which can operate with an ultra-low VDD (e.g., 0.2 V), is a potential
candidate for the low-power design. However, the low-voltage operation requires an ad-
ditional LDO, which degrades the voltage efficiency. The huge supply pushing makes the
LDO more important [38].

The proposed TF-based DCO is developed to have sufficient output amplitude with
minimum power consumption. A TF-based resonator is treated as a two-port network to
build an oscillator [45] with the double cross-coupled NMOS transistors providing neg-
ative gm. Both of the top and bottom cross-coupled pair use the NMOS transistors to
provide the negative resistances to attain a large Gm from each transistor, as shown in
Fig. 2.13(a). The same DC current is shared by the stacked cross-coupled pairs. The cen-
ter tap of the primary winding is connected to a voltage source while the DC current flows
into the bottom cross-coupled pair through the center tap of the secondary winding. The
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coupling of the transformer corresponds to positive feedback between the top and bottom
oscillators. The transistor sizes in the top cross-coupled pair are 128 µm/60 nm, and the
gate length is 256 µm for the bottom cross-coupled NMOS pair. Using the NMOS tran-
sistors instead of PMOS relaxes the current requirement, which benefits from its higher
mobility. Compared with low-power class-D VCOs shown in [20][27], a relatively small
transistor size is implemented. Therefore, a higher oscillating frequency and a wider
frequency-tuning range can be achieved.

As shown in Fig. 2.25, the top cross-coupled transistor is biased from dynamic bias
control, while the oscillation frequency is tuned by a 4-bits capacitor bank using the low-
level metal (M1∼M5). Both of the cross-coupled NMOS pairs share the same DC current
through the center taps of both windings in the TF. A 128 µm/60 nm NMOS transistor
is used in the top tanks, while the gate length of the bottom transistors is 256 µm. The
current requirement is relaxed by implementing NMOS transistors as the negative resis-
tance, which benefits from its higher mobility. The loaded resonator network shows two
possible resonant frequency given by [45]

ω
2
L,H =

1+ξ ±δ

2(1− k2)
ω

2
2 , where ξ =

LSCS

LPCP
(2.26)

While ω2
2 = (LSCS)

−1, δ =
√

(1+ξ )2−4ξ (1− k2
m) and the km is the coupling factor.

To avoid multi-oscillation, the ξ is controlled around 1.5 to prevent large impedance peak
existing at the high frequency [29]. Using the equivalent model of the TF-based network
in [30], the double coupled oscillators can be implified. Thus the start-up condition and
the voltage amplitude can be estimated as derived in [39]. The output amplitude from the
bottom drain node can be express as
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VAMP,VON ≈
4
π

IBIASωL
LP

2
QP

(
k2

mN + k2
m +

LSQS

LPQP

)
(2.27)

in which, N =
√

LS/LP. It must be noted that Eq. (2.25) indicates if a larger fundamen-
tal amplitude A1 can be obtained with a minimized excessive gain GX, the up-converted
flicker noise will also be minimized. Eq. (2.27) indicates a larger amplitude can be ob-
tained compared with conventional CMOS-type VCO, which benefits from a passive gain
(k2

mN + k2
m). Meanwhile, we can also notice that the excessive gain GX has the highest

contribution as the high-order item in expression, which has been confirmed in [42]. To
start the VCO, the excess gain GX is usually set between 2 and 4 to guarantee a robust
oscillation start-up. In this TF-based VCO, the gm from both top and bottom transistors
are set at around 2 ms at start-up with a 190 µA current, which given with enough margin
for the oscillation in different PVT corners. The minimum oscillation power can be only
170 µA at 0.5 V in post-layout simulation, corresponding to 1.6 ms (minimum required
gm). A larger than 300 mV voltage amplitude can be obtained at the bottom drain node
VON and VOP with 103 µW power consumption in post-layout simulation, as shown in
Fig. 2.26.

As we noticed from [39], the tail transistor will contribute most of the noise due to
the insufficient VDS, which makes the tail transistor working in the triode region. Mean-
while, the flicker noise of the tail transistor will modulate the oscillation amplitude and
also the frequency. Thus, the flicker corner will be heavily increased from the AM-FM
flicker-noise up-conversion. In this work, the tail transistor is replaced by an 8-bits dig-
itally controlled resistor bank to control the DC current with a lower voltage headroom
(≤0.1 V). Thus, there is no flicker up-conversion from the tail resistors, and the flicker cor-
ner of the VCO will also be improved. The simulated impulse sensitivity function (ISF)
and noise modulation function (NMF) are shown in Fig. 2.27. A similar ISF function
compared with conventional class-B CMOS-type VCO can be observed in this figure.

Thanks to the large fundamental amplitude A1 with a minimized excessive gain GX

and a moderate Q-factor from the TF with embedded PGS, the flicker noise up-conversion
is minimized and degradation due to the current-control circuit can be avoided.

To mitigate the supply voltage variation coming from the switching DC-DC converter,
a conventional LDO implementation and an amplitude tracking loop [46] in VCO design
are shown in Fig. 2.24. To ensure a favorable function of the LDO or the current transistor,
an extra voltage headroom (0.2 V∼0.3 V) will degrade the system efficiency due to the
lower voltage efficiency. Meanwhile, the additional blocks consume 0.2 mW in [46],
which is unappreciated in the ultra-low-power designs. In this proposed VCO, as shown
in Fig. 2.28, the DC bias of the top transistor is isolated from the cross-coupled transistor



70 Ultra-Low-Power Transformer-based LC-VCO

0 π/2 π 3π/2 2π
-0.4

0

0.4

0.8

1.2

N
M

F
 o

f 
T

ra
n

s
is

to
r

IS
F

 o
f 

T
ra

n
s

is
to

r Top

-4

-2

0

2

4

Effective

(a)

0 π/2 π 3π/2
-4

-2

0

2

4

2π
-0.4

0

0.4

0.8

1.2

N
M

F
 o

f 
T

ra
n

s
is

to
r

IS
F

 o
f 

T
ra

n
s

is
to

r Bot

Effective

(b)

Figure 2.27: Simulated ISF and NMF of transistors in the TF-based VCO: (a) top transis-
tors (b) bottom transistors.
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using a capacitor as a DC cut. A 0.5 V VDD is directly applied at the center tap of
the primary winding of the TF, while a voltage from the center tap (CEN) is fed back
to an error amplifier. A PMOS-type differential to single amplifier is implemented to
handle the input signal with DC level around 0.25 V. The error between the feedback
voltage signal and the constant reference (VREF) is amplified, and the comparison outcome
will adjust the bias of the top transistor (VB) to maintain constant DC current and the
voltage amplitude, and thus parasitic capacitance is stabilized, which leads to a constant
oscillation frequency. A 50 mV sine wave with 5-MHz frequency is added on the 0.5 V
DC supply of VCO, and the error amplifier is powered by a usual 1 V DC supply. The
output voltage waveform of w/wo the proposed pushing reduction loop is also shown in
Fig. 2.28.

As we notice, it isn’t very easy to do an accurate numerical analysis due to the transis-
tors’ time-varying non-linear behavior working in the large-signal condition. However, an
equivalent model and the close-loop transfer function shown in Fig. 2.29 can be utilized to
estimate the relationship between the variation of the current ∆ I and other parameters in
the loop. Also, the oscillation amplitude can be obtained from Eq. (2.27), which has a lin-
ear relationship with the DC current, and thus the correspondence between the variation
of the DC supply and the oscillation frequency can be estimated. Meanwhile, the cor-
respondence gives guidance for selecting the parameters in the supply pushing reduction
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loop.

According to this model, the current variation ∆ I can be expressed as

∆ I ≈ ∆V DD

(GmROZBOT,eq+RO+ZBOT,eq)+
AopGmZBOT,eqRO

1+SCgsRgs

(2.28)

where ZBOT,eq is the large-signal equivalent impedances of both cross-coupled tran-
sistor pairs [46], while Gm is the average effective transconductance and the RO is the
equivalent resistance in a period of the oscillation signal. Aop represents the transfer func-
tion of the error amplifier.

To minimize the power consumption of the error amplifier, the PMOS-type op-amp
is constructed with two stages, which has a 60 dB open-loop gain with a 50 kHz band-
width and more than 80° phase margin thanks to the internal series RC feedback (RF, CF).
As we noticed from Eq. 2.28, the Gm also enhances the gain of the feed-forward, which
can reduce the gain requirement of the error amplifier. Meanwhile, all the low-frequency
poles are from the error amplifier. That means a wider suppression bandwidth can be ob-
tained from an error amplifier with large bandwidth, while considering the trade-off with
power consumption. A 5 kΩ resistor is selected as the bias resistor (RB) to minimize the
noise contribution of this resistor, which is directly connected to the transistor’s gate, and
also to maximize the supply pushing suppression bandwidth without too much VCO gain
penalty. Fig. 2.30 shows the simulated KVDD with different frequencies of the sine wave.
In the simulation, the reference voltage is generated by injecting a current from bandgap
reference into an NMOS diode. The simulated worst KVDD is lower than 2 MHz/V, and
a 6-MHz supply pushing suppression bandwidth is achieved with an additional 40 µW
power consumption from error amplifier.
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2.5 Measurement Results of The ULP VCO with Supply
Pushing Reduction

The compact TF-base ULP VCO with embedded PGS and supply pushing reduction is
fabricated in 65-nm CMOS technology. The chip photo shows in Fig. 2.31. Manually
dummy metal filling is utilized for the density rule check and to mitigate the performance
degradation. The core on-chip area is only 0.12 mm2 with a 0.35 mm side length. Fig. 2.32
shows the measured PN performance. A -114.8 dBc/Hz PN at 1-MHz frequency offset is
achieved with a 103 µW power consumption from a 0.5-V DC supply, and the correspond-
ing FoM is -193 dBc/Hz at 2.6 GHz oscillation frequency. The frequency can be tuned
from 2.39 GHz to 2.64 GHz with a 250-MHz tuning range. Thanks to the ultra-low cur-
rent operation and comparatively large transistor size, the flicker corner of the proposed
TF-based VCO achieves 16 kHz, which is much better than the other reported ULP-VCO
designs [36][46]. The proposed TF-based VCO potentially satisfies the open-loop op-
eration in a BLE TRX, which requires the frequency shift must be less than ±50 kHz.
The calculated residual FM, ∆ fFM is 2.15 kHz according to [17] and appears to be good
enough to realize a 17-ms BLE packet with the open-loop operation.

Fig. 2.33 summarizes the FoM performances of the low-power LC-VCO designs. Sev-
eral works achieve excellent PN and FoM performance, but the required power consump-
tion is still higher than 1 mW. Though some works achieve ultra-low-power operation,
the phase noise performances become poor, and the FoM is limited to -190 dBc/Hz. The
proposed TF-based VCO breakthrough the FoM barrier with smaller power consumption.
Fig. 2.34 shows the measured spectra of the VCO with and without the supply pushing
reduction. In measurement, the reference voltage is manually controlled by an adjustable
off-chip LDO. A 50 mV sine ripple is added into VCO’s supply to observe the effect of
the proposed supply pushing reduction technique. The spur at the 5 MHz frequency off-
set is reduced by 18 dB and reaches -50 dBc. The performance summary of ULP-VCO
is shown in Table 2.3. Compared with the state-of-the-art ULP-VCO designs, this work
achieves lower power consumption within a smaller on-chip area, and the embedded sup-
ply pushing reduction also achieves good spur suppression performance with a minimized
power consumption.

In this work, a miniaturized TF-based VCO is presented for IoT applications. The
proposed VCO achieves a -114.8 dBc/Hz PN at 1-MHz frequency offset with a 103 µW
power consumption. A -193 dBc/Hz FoM is achieved at 2.6 GHz oscillation frequency.
The low-power operation and large transistor size improve the flicker corner to 16 kHz.
The low-flicker noise and good 1/ f 2 PN performance allow the open-loop operation in a
maximum 17-ms packet length BLE transceiver. And thus, the power efficiency of the
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Figure 2.34: Measured oscillator spectra with and without the supply pushing reduction
under 50 mV 5 MHz sine wave.

TX can be further improved with the implementation of the proposed VCO. The PGS
embedded TF used in this work indicates that the compact TRX layout can be realized
with a smaller on-chip area. The core area of the proposed VCO is only 0.12 mm2, as same
as the transformer. To mitigate the PN degradation from the voltage ripple introduced by
the DC-DC converter in battery-powered portable devices, a supply pushing reduction
loop is embedded with the VCO while consuming no additional voltage headroom. The
power consumption of this loop is also minimized to 40 µW, and the supply pushing is
reduced to 2 MHz/V, resulting in a -50 dBc spur with a 5 MHz sinusoidal ripples.

2.6 A High Jitter Performance Injection-Locked Clock
Multiplier

This section presents a high jitter performance injection-locked clock multiplier using
an ultra-low-power voltage-controlled oscillator for IoT application in 65-nm CMOS.
The proposed transformer-based VCO achieves low flicker noise corner and sub-100 µW
power consumption. Double cross-coupled NMOS transistors sharing the same current
provide high transconductance. The network using a high-Q factor transformer provides
a large tank impedance to minimize the current requirement. Thanks to the low cur-
rent bias with a small conduction angle in the ULP VCO design, the proposed TF-based
VCO’s flicker noise can be suppressed, and a good PN can be achieved in the flicker
region (1/ f 3) with sub-100 µW power consumption. Thus, a high figure-of-merit can
be obtained at both 100 kHz and 1 MHz without an additional inductor. The proposed
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VCO achieves phase noise of -94.5/-115.3 dBc/Hz at 100 kHz/1 MHz frequency offset
with a 97 µW power consumption, which corresponds to a -193/-194 dBc/Hz VCO FoM
at 2.62 GHz oscillation frequency. The measurement results show that the 1/ f 3 corner is
below 60 kHz over the tuning range from 2.57 GHz to 3.40 GHz. Thanks to the proposed
low power VCO, the total ILCM achieves 78 fs RMS jitter while using a high reference
clock. A 960 fs RMS jitter can be achieved with a 40 MHz common reference and 107 µW
corresponding power.

Nowadays, the low jitter clock synthesizer is one of the most demanding components
in various systems [48–51]. Those devices sustained by energy harvesters or low capacity
battery must support low-voltage and low-power operation. That puts challenges on the
clock synthesizer designs with considering the frequency tuning range (FTR), phase noise
(PN), and power consumption. As one of the types of clock synthesizer, phase-locked
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loops (PLLs) based clock multipliers are commonly implemented in modern systems-
on-chip that multiply a low-frequency reference provided by a crystal oscillator. As we
noticed, the commonly implemented type-II PLLs using low reference frequency can’t
provide sufficient voltage-controlled oscillator (VCO) noise suppression bandwidth, e.g.,
< 1 MHz, that protrudes the importance of 1/ f (flicker) noise suppression in VCO, which
degrades the close-in PN [52]. In contrast to PLLs, the injection-locked clock multipliers
(ILCMs) lock oscillation frequency to an integer multiplier number of reference clock
by injection pulses [50, 53]. In which the noise performance of the VCO, including the
flicker noise, has a significant influence on the ILCM’s phase noise performance.

Forwarding the reference frequency and injecting it directly into the VCO has been
used to improve the jitter performance of the VCOs [54–59], which has lower power
consumption benefiting from its simple structure. The conventional ILCM is shown in
Fig. 2.36(a). By correcting the oscillator zero-crossings periodically using the pulse gen-
erated from a low jitter reference, the jitter accumulation can be lowered [60]. And a good
in-band phase noise can be achieved thanks to the wide noise suppression bandwidth, as
shown in Fig.2.36(b). According to phase noise analysis in [61], the single-sideband
phase noise LIL( f ) of injection-locked clock multiplier based on a VCO is given as

LIL( f ) = LVCO ·
2π2(N−1)(2N−1)

3 frefN2 · f 2

1+( f
finj
)2

(2.29)

where fref is the injection reference, N is the multiplication factor, and the finj is the
injection locking bandwidth, which can be expressed as

finj = fref ·
1
π
·

√
3N

2(N−1)
(2.30)

Based on the equation (2.29) and (2.30), several inspections can be observed. First,
the in-band phase noise will experience a 1st-order suppression with a wide bandwidth
finj, which is close to 0.4 times fref. Thus, with a high reference frequency and a small
value of N, a wide noise suppression bandwidth finj is available. Meanwhile, at the high
offset frequency, the phase noise of the injection-locked VCO is 3 dB higher than the free-
running VCO. Thus, according to the above points, a low-power VCO with a good 1/ f 2

noise performance is a suitable candidate to be the high jitter performance (e.g., < 100 fs)
ILCM with the assistance from a high reference frequency. However, it is worth noting
that the noise degradation in the injection-locked frequency generator due to the flicker
noise is also significant because the injection lock operation can only suppress the VCO
noise by 1st-order (2nd-order in conventional type-II PLL). A VCO with a low flicker
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corner and low 1/ f 2 noise is superior compared with the one with bad phase noise perfor-
mance. Fig. 2.38 shows the calculated jitter performance of the ILCM with different VCO
flicker corner. In the case of a 40 MHz reference frequency, a VCO flicker corner lower
than 100 kHz is desired to minimize the integrated RMS jitter with ultra-low power con-
sumption. In addition to using a higher injection frequency, such as 80 MHz or higher, an
LC-VCO, which has both good flicker noise and thermal noise performances, is attractive
for high jitter performance ILCM implementation.

As CMOS scales, the MOS transistor’s flicker noise will further degrade the close-
in PN, thus limiting the achievable jitter performance of the PLL or ILCM and the data
rate of the transceiver, finally. Since the tail filter technique [62] was firstly introduced in
CMOS oscillators to suppress the 1/ f upconversion from the current source, many efforts
have been made to reducing the 1/ f upconversion mechanisms through dedicated design
techniques [63–67]. It is worth noting that these designs operate with larger than 0.3 mW
power consumption. With a limited current from a low supply voltage, cross-coupled
transistors with large size can provide a sufficient Gm. However, it should be noticed
that the non-linear gate capacitance of the oversize transistor will increase the harmonic
power and aggravate the flicker upconversion. As we know, FoM is a function of the
power dissipation and the achievable phase noise performance. The VCO with ultra-low
power consumption and good phase noise performance also can achieve good FoM and be
attractive for low-power applications, such as digital PLL [15, 39] and BLE transceivers
[11, 14]. Also, as indicated in [68], the open-loop operation of VCO can help save TX
power, which requires VCO to have both low 1/ f 3 and 1/ f 2 phase noise.

In this section, a sub-100 µW VCO based on a single transformer structure is proposed
with a low flicker noise corner and ultra-low power consumption, which is an extended
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version of [69]. The analysis of the transformer-based tank impedance, start-up condi-
tion, and flicker noise is firstly added in this work and verified with more detailed sim-
ulation/measurement results. To verify the high performances of the VCO, a low-power
ILCM is built based on this ULP VCO targeting for high jitter performance (e.g., <100 fs)
with sub-300 µW power consumption.

2.6.1 Transformer-Based ULP VCO

The diagram of the proposed VCO is shown in Fig. 2.39. A high-Q factor transformer
using a co-planar structure is implemented in the load tank with a minimized on-chip
area and a minimum number of cross-sections to achieve good PN performance with low
power consumption. Also, the capacitor bank can be designed with a small tuning range
with a high-quality factor (> 50) because of the large inductance of TF. Thus, the quality
factor of the tank is mainly dominated by the transformer. Through the center tap of
both swings, DC current is shared by the two cross-coupled NMOS transistors to provide
sufficient mobility. The large inductance of the secondary swing LS and passive gain in
TF ensure the start-up with a small current bias. Both the supply port and ground port
are at the bottom side of the transformer, which provides a well-defined common-mode
return path.

The noise of the tail current source can appear as a CM signal and modulate the
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oscillation voltage. This phenomenon will become more serious when insufficient voltage
headroom is added to the current source [39]. Also, to mitigate the voltage drop from the
current source, which degrades the voltage efficiency, an 8-bit binary resistor bank is
implemented for the current control with a range from 90 µA to 360 µA.

2.6.2 Transformer-Based Tank and Start-up Condition

Fig. 2.40 shows the implemented transformer-based network with capacitor banks. A
6-bit switchable capacitor bank is implemented for coarse frequency tuning, and a 9-
bit linearized varactor is used for fine frequency tuning. As derived in [39], the load
impedance transfer ratio can be expressed as the turn ratio LP:LS and the start-up condition
can be written as:

gm0 > 2/(1+LP/LS)Zbot,eq (2.31)

In which, Zbot, eq represents the input impedance from the bottom side of the trans-
former, and all the transistors (M1∼M4) have the same gm0 at start-up condition.

To clearly show the TF’s impedance with additional CF, the transformer’s half circuit,
including the VN port and OUTN port, is analyzed, and the conventional T equivalent
model is converted to π equivalent model using Wye-Delta transformation [70]. Com-
pared with T-model, the π-model shows better terminal behavior when a large leakage
inductance appears [71]. The Z1, Z2, and Z3 represent the parallel resonance impedance
of each part in π equivalent network, as shown in Fig. 2.40.

The Zbot,eq/2 can also be expressed as the Z3 ‖ (Z2 +Z1). Due to the limited coupling
factor k (< 0.6) from the multi-turns co-planar TF structure, a large LC appears (≈ 2.4 nH),
which degrade the parallel impedance. An appropriate zero-shifting capacitance CF [72],
which resonate with LC at fundamental frequency, can maximize Zbot,eq value with a slight
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frequency drift. It needs to notice that the parasitic capacitance between two windings
should also be considered as an additional part of CF. To obtain a maximized impedance
from bottom-side (Zbot,eq), both of (Z1+Z2) and Z3 should be maximized. In which, the
value of (Z1+Z2) will be heavily influenced by the Z2, which is the parallel resonate
impedance of LC and CF. Also, because of the complexity of the actual TF model, The
optimal value of CF can only be obtained by simulation. In the simulation, a 400 fF of CF

can improve the peak impedance of Zbot,eq from 940 Ω to 1200 Ω which can reduce the
minimum current required at the start-up condition. The simulated results of both top and
bottom ports are shown in Fig. 2.41. To simulate the input impedance from the bottom-
side and up-side respectively, a 50 Ω port is placed in one of the ports while the other one is
floating. Note that both of the parasitic capacitance from transistors should be considered
as a fixed part of the capacitor bank. The maximum oscillation frequency is achieved
with the capacitor bank is turned off with approximately 210 fF capacitance, while the
minimum oscillation frequency can be obtained with all the capacitors are turned on.
Thanks to the high impedance Zbot,eq provide by this tank, the minimum required start-up
gm0 can be minimized, and a robust oscillation start-up can be realized.

Fig. 2.42 shows the calculated minimum required gm0 and simulated transistor gm ver-
sus different current bias. In simulation, a 90 µA current with 0.9 mS gm0 is sufficient to
sustain the oscillation with a slow-slow (SS) corner (120 ◦C). In the post-layout simula-
tion, larger than 300 mV oscillation amplitude is confirmed in all PVT corners with same
bias current (190 µA) from 0.5 V DC supply.

2.6.3 Low flicker Noise Corner

Since the low-power start-up benefits from the cooperation of the large NMOS transis-
tors and high tank impedance, the flicker noise upconversion is also mitigated from a
small conduction angle with low-power consumption. According to the impulse sensi-
tivity function (ISF) theory [73], the flicker noise upconversion in cross-coupled oscil-
lation involves the following steps. First, the flicker noise, in voltage v1/ f , at the offset
frequency ∆ω will be modulated to current noise around different harmonics kω0±∆ω

through a noise modulation function (NMF), which is once determined by the transis-
tor’s time-varying transconductance Gm(t). It should be noted that a more accurate NMF
should be utilized with the consideration of the correlated mobility fluctuation (CMF)
[52], which is also influenced by the drain current ID in advanced technology. The NMF
can be described as

m(t) = Gm(t)+ΩID(t) (2.32)
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where m(t) is the NMF. Ω is the process parameter, which is the function of Coulomb
scattering coefficients, the volumetric oxide trap density, and oxide capacitance per unit
area of the interfaces [74]. Gm(t) and ID(t) are the steady-state waveform that can be
obtained by the transient simulation in Spectre. The flicker current noise can be written
as

i1/ f (t) = v1/ f (t)×m(t) (2.33)

Assuming the v1/ f (t) at ∆ω is expressed as v1/ f (t) =
√

2V1/ f ,RMS cos(∆ωt + γ), in which
the γ is an initial random phase. The current noise can be rewritten as

i1/ f (t) =
√

2V1/ f ,RMS×m(t)× cos(∆ωt + γ) (2.34)

=
√

2I1/ f ,RMS cos(∆ωt + γ) (2.35)

Though the I1/ f ,RMS can be directly obtained by the periodic steady-state (PSS) simulation
in Spectre, the understanding of how the m(t) influences the I1/ f ,RMS can give us the
guideline to design the VCO with lower flicker noise corner. According to [74], the term
of ΩID is relatively small compared with the Gm, due to the small CMF factor Ω in 65 nm
node and low current bias. Therefore, it should be noted that Gm(t) will dominate the
m(t) and mainly considered here.

Secondly, the flicker noise current will be converted to phase noise through its corre-
sponding ISF, and the non-normalized ISF can be expressed as

hDS(t) =
1
2

h0 cosθ0 +
N

∑
1
(hk coskω0t +θk) (2.36)

where hk is the magnitude of the ISF at each harmonic and its corresponding phase θk.
Both the hk and θk can be estimated by using the simulator PSS and PNOISE in Spec-
tre. Finally, the single-sideband to carrier ratio (SSCR) can be expressed using the non-
normalized effective ISF (he f f (t)) as

L∆ω = 2

( √
2

2∆ω
·he f f (t)

)2

(2.37)

= 2

( √
2

2∆ω
· 1

T

∫ T

0
hDS(t) · I1/ f ,RMS(t)dt

)2

(2.38)

From equation (2.38), two approaches are indicated to minimize the flicker noise cor-
ner. One is to make the hDS(t) more symmetrical and narrow the upper and lower ranges,
such as increasing the quality factor of the tank or reducing the even harmonic compo-
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nents. Another way is to reduce the absolute value of the I1/ f ,RMS, such as increasing the
transistor gate size (lower V1/ f ,RMS) and narrow the conduction angle (lower m(t)).

In general, the flicker noise current will modulate the waveform within a window
m(t) determined by current and transconductance, which is influenced by the transistor’s
conduction angle. Thus, to reduce the flicker noise upconversion, one way is directly
reduce the flicker noise current associated with the transistor’s gate area. And another
way is to reduce the conduction-angle (i.e., class-C VCO), which also means to narrow
the noise modulation window [67]. What should be noticed here is that to reduce the
conductance angle in steady-state, the current bias must be relatively small to avoid a
large voltage waveform. However, the small current bias will also lead to a small mean
value of transconductance, which makes the start-up become more difficult [75].

Fig. 2.43(a) shows the simulated waveforms of top transistor M2 and bottom transistor
M4. Due to the low supply voltage (i.e., 0.5 V), which shared by the stacked structure,
and the low current bias condition, the gate voltage waveform of bottom transistors is
lower than the threshold voltage at most of the time. Thus, the bottom transistor cross-
coupled pair works most of the time in the class-C region with a small conduction-angle
(≈ 90°). Meanwhile, the top cross-coupled pair works with a relatively larger conduction-
angle (≈ 120°). The flicker noise contribution from both top and bottom transistors will
be mitigated. The DC value of the impulse sensitivity function accounts for the flicker
noise upconversion. To verify the different current cases, both ISF and flicker noise
current simulations are carried out with different current conditions. Fig. 2.43(b) shows
the simulated ISF functions with different current conditions for both transistors M2 and
M4. Fig. 2.43(c) shows the simulated RMS value of flicker noise current of both upper
and lower transistors. With a large current that leads to a large conduction angle, the
flicker noise current will increase as the red dot line shown in Fig. 2.43(c). Meanwhile,
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a small transistor size will also contribute to a larger flicker noise component. As shown
in Fig. 2.43(d), the effective non-normalized ISF function of M2 transistor is also small
thanks to the large transistor size (128 µm/60 nm), which reduces the absolute flicker noise
current. Meanwhile, the bottom transistor M4 has a much lower DC value of ISF function
thanks to the narrow conduction angle with a proper current biasing. The resistor bank
only degrades the 1/ f 2 phase noise in a small value (< 5%) and has negligible impact on
the flicker corner.

2.6.4 ILCM Implementation

To indicate the performances of the proposed VCO, an ILCM diagram with an integer
mode is constructed as shown in Fig. 2.44. Note that the power consumption of the VCO
core and the pulse generator are commonly considered in the ILCM designs, and higher
reference frequency will inevitably increase the power consumption of the pulse genera-
tor.

The pulse generator generates a narrow pulse with adjustable pulse width using the
positive edges of the reference clock, and the generated pulses are injected into the TF-
based VCO through an NMOS transistor [76]. The pulse width can be adjusted from
45 ps to 186 ps using a 3-bit delay control word with a 1-V power supply in post-layout
simulation. A 20 µm/60 nm NMOS transistor is implemented as the shunt transistor for
the pulse injection. It should be noticed that the injection from the bottom side of the VCO
has a much more obvious effect because of the larger differential waveform amplitude.
An inverter driven common source power amplifier is constructed as the test buffer. The
first stage of the VCO buffer is using a resistor feedback low-VT inverter.

2.6.5 Measurement Results of ILCM

The phase noise is tested with a signal source analyzer (Keysight E5052B), and Fig. 2.46
shows the measured PN at 100 kHz, 1 MHz, and 10 MHz, at 2.62 GHz oscillation fre-
quency. In measurement, two external low-dropout linear voltage regulators (LDOs) are
utilized to provide an ultra-low-noise DC supply and frequency tuning voltage, respec-
tively. Fine current control can be realized with the on-chip 8-bit resistor bank, which
is added to the tail of VCO. The measured 1/ f 3 corner is 18 kHz with drawing 194 µA
current from 0.5 V DC supply. Meanwhile, this proposed TF-based VCO achieves -94.5/-
115.3 dBc/Hz at 100 kHz/1 MHz frequency offset, corresponding to a -193/-194 dBc/Hz
VCO FoM. The difference in FoM at 100 kHz and 1 MHz is less than 1 dBc/Hz thanks to
the low 1/ f 3 corner achieved in this design.
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Figure 2.49: (a) Phase noise (b) FoM at 100 kHz and 1 MHz over the frequency tuning
range frequencies.
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The PN plots at representative oscillation frequencies are shown in Fig. 2.47. The
phase noise variation is lower than 4.5 dB over the frequency tuning range (FTR) from
2.57 GHz to 3.40 GHz with a peak FoM -194 dBc/Hz. The measured flicker noise cor-
ners over the frequency tuning range are shown in Fig. 2.48. The 1/ f 3 corner is below
60 kHz over the tuning range, and better flicker noise performance achieved with lower
oscillation frequency. The phase noise and FoM over the frequency tuning range are sum-
marized in Fig. 2.49. Fig. 2.49(a) shows PN at 100 kHz and 1 MHz, respectively versus
different oscillation frequencies. Fig. 2.49(b) shows the corresponding FoM versus oscil-
lation frequencies and the FoM achieves below -190 dBc/Hz over the tuning range thanks
to good phase noise performance with low power consumption. The measured VCO sup-
ply sensitivity KVDD is around 270 MHz/V at 0.5 V supply voltage due to the large size
of transistors working in the current limited region. Fig. 2.50 summarizes the power and
FoM of the low-power LC-VCO designs. This work breakthrough the sub-100 µW power
barrier and achieves the best FoM around the left corner in the FoM Summary. The per-
formance of the proposed VCO is summarized and compared with state-of-the-art VCO in
CMOS processes, as shown in Table 2.4. Compared to other VCOs, this design achieves
both a low flicker corner and a good 1/ f 2 phase noise performance with ultra-low power
consumption.

Fig. 2.51 shows the measured injection-locked phase noise with different reference
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frequencies. The ILCM is fabricated in 65-nm CMOS technology. At the 2.6 GHz oper-
ation frequency, the available injection ratio ranges from 5 to 260, corresponding to the
power consumption from the 210 µW to 107 µW.

As shown in Fig. 2.52, a 78 fs integrated RMS jitter (10 kHz to 40 MHz) can be
achieved with a 520-MHz reference. With a 40 MHz common reference, a 960 fs RMS
jitter can be achieved with 107 µW corresponding power. Fig. 2.53 plots the calculated
jitter-power FoM (FoMJP), where

FoMJP = 10log10

{
Jitter2

(1s)2 ·
Power
1mW

}
(2.39)

The FoM with considering reference frequency, FoMJRP, can be written as [77], where

FoMJRP = 10log10

{
Jitter2

(1s)2 ·
Power
1mW

· fref

100MHz

}
(2.40)

In which, the fref represents the frequency of reference clock. Fig. 2.54 compares the mea-
sured jitter performance and the power consumption of the proposed ILCM with state-of-
the-art low-jitter PLLs. Table 2.5 summarizes the proposed ILCM performance and shows
a performance comparison with the other works. This work achieves -50 dBc reference
spur in measurement which can potentially satisfy some wireless transceivers, such as
Bluetooth Low-Energy, which requires a spur level lower than -40 dBc above 3 MHz fre-
quency offset [11]. Compared with [77], this work has a worse reference spur level due
to the lack of PLL, which helps in injection timing optimization. To improve the refer-
ence spur performance, a continuous frequency tracking loop with a gated option can be
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Table 2.5: COMPARISON WITH STATE-OF-THE-ART WORKS.

Reference [54] [57] ISSCC’14 [77] This Work

Architecture Int.-N
ILCM

Int.-N
ILCM

Int.-N
ILCM

Int.-N
ILCM

Int.-N
ILCM

Technology
[nm] 65 65 65 65 65

Freq. Range
[GHz] 0.5-1.6 6.75-8.25 2.4 2.2-2.6 2.57-3.40

Multi. Factor
[N] 4-30 64 16 3-24 5-260

Ref. Frequency
[MHz] 40-300 105-129 150 100-800 10-520

RMS Jitter [fs]
@ Ref. [Hz]

(Int. Range [Hz])

700
@300M

(10k-40M)

184
@106.25M
(10k-100M)

188
@150M

(1k-40M)

70
@800M

(10k-40M)

78
@520M

(10k-40M)
Ref. Spur

[dBc] -46 -40 -49 -66 -50

Power [mW] 0.97 2.25* 5.2* 0.2 0.21
Area [mm2] 0.022 0.25 0.12 0.25 0.28
FoMJP [dB] -243 -251 -247 -270 -269

FoMJRP [dB] -239 -251 -246 -261 -262
* Total power of PLL, including the buffer and digital.

implemented to optimize the injection timing with PVT variations [57, 78].

2.7 Conclusion of ILCM

An ultra-low-power TF-based VCO with flicker noise reduction and good 1/ f 2 phase
noise is proposed for IoT application. The transformer-based network provides a large
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Figure 2.54: State-of-the-art ILCMs.

tank impedance with assistance from the inserted capacitor. Thanks to the high-quality
factor with large tank impedance, the proposed VCO achieves -115.3 dBc/Hz phase noise
at 1 MHz frequency offset while only consumes 97 µW power, which corresponds to a
-194 dBc/Hz FoM. Meanwhile, an 18 kHz flicker noise corner is achieved with small cur-
rent bias and conduction angle reduction, and 1/ f 3 corner is below 60 kHz over the wide
tuning range from 2.57 GHz to 3.40 GHz. The proposed ULP TF-based VCO proves its
feasibility in low power consumption applications with a low reference frequency. The
total power of ILCM can be reduced to 107 µW, while 960 fs RMS jitter, and -254 dB
FoMJRP can be achieved with a 2.6 GHz operating frequency using a 40 MHz input refer-
ence clock. A 78 fs RMS jitter is also available with a 520 MHz input reference clock. The
proposed ILCM demonstrates its applicability in high jitter performance and low-power
clock generator applications.



Chapter 3

Bluetooth Low Energy Transceiver with
Direct Antenna Interface

In the IoT era, ubiquitous sensors and devices connected through wireless modules are
becoming widely used. As the strongest candidate for a wireless interface, the Bluetooth
Low Energyr (BLE) standard has been already widely integrated into smartphones and
wearable devices. A small and low-power BLE module, within a compact package size, is
extremely attractive for disposable or highly integrated portable devices. Meanwhile, with
a direct 50 Ω single-ended antenna interface, the PCB area, and cost can be significantly
reduced. Therefore, a low-power and area-efficient BLE transceiver, with fully on-chip
integrated matching and T/R switch function, is highly demanded for long battery life and
low-cost application.

More challenges come when we consider improving the link budget of the BLE sys-
tem with on-chip integration. The key performances of power amplifier (PA), low-noise

LNA

PA

Matching

Filtering

T/R 
Swtich

LNA Bypass

SW

SW

ADC

Mod
Demod

PLL

SW

SW Ant.

Figure 3.1: BLE transceiver with conventional SPST/SPDT switch and on-chip matching
network.



100 Bluetooth Low Energy Transceiver with Direct Antenna Interface

amplifier (LNA), and T/R switch are difficult to be designed as the counterparts by using
off-chip components due to the low-quality factor of on-chip inductors/transformers and
non-ideal transistor characteristics. A conventional SPST/SPDT CMOS switch [79–81]
without a diplexer can be applied in BLE TRXs owing to its time-division operation, as
shown in Fig. 3.1. Obviously, the insertion loss of the T/R switch is significantly impor-
tant since it results in the TX efficiency reduction and RX sensitivity reduction.

Also, as the radio environment becomes more crowded, the harmonic spurious emis-
sion of the TX generates electromagnetic (EM) radiation at unintentional frequencies.
The resulting pollution of the spectrum potentially desenses the radio receivers operating
at the same frequency. Thus, these unintended frequency radiations must be strictly re-
stricted, and regulatory agencies have defined some harmonic spurious emission require-
ments (e.g., FCC 15.249). Also, the TX generates electromagnetic (EM) radiation at unin-
tentional frequencies, and the resulting polluting of the spectrum potentially desenses the
RXs operating at the same frequency. As a TX operating in the ISM band whose 2nd-order
harmonic distortion (HD2) locates at one of the 5G bands, the BLE TRXs must satisfy the
out-of-band (OOB) spurious emission requirements (e.g., FCC 15.249). A more stringent
harmonic level of BLE TRXs has been specified, which is equivalent to -41.2 dBm con-
ducted power. As one of the key parameters of RXs, a high sensitivity performance with
low power consumption is always attractive. Although the RX sensitivity is important for
BLE TRXs to extend the communication distance, the strong signal handling capability
(e.g.,>+4 dBm) is also optional for robust data links, which is expected to be demodu-
lated with a lower RX power, particularly where the high output power devices inquiring
or transmitting very close to another device. One of the major problems associated with
the on-chip PA design in CMOS technology is the high loss in the power transformation
and combination. This is mainly caused by the low resistance of the substrate and also
the non-ideal conductor. In a typical case, the top metal is the thickest and is usually
implemented for inductors or transformers. To minimize the on/off-chip area and realize
high-efficiency PA, the inductors or transformers should be optimized with some process
limitations.

In recent years, some BLE transceivers are proposed with significant power reduc-
tion [11, 12, 17, 81–88]. Some of them shows high-level integration with relatively small
power consumption and occupied area. The co-designs of the RFIO, LNA and PA has
been reported in [12, 17, 84, 86, 87, 89, 90]. However, few of them achieve both ultra-
low power consumption (e.g.,PRX < 3mW with lower than -90 dBm sensitivity) and min-
imized on-chip area (e.g., < 1mm2) while embedded with a T/R switch. The previous
work [11] indicates the possibility of realizing an ultra-low power consumption TRX with
an on-chip T/R switch while maintaining a small on-chip area by utilizing a hybrid-loop
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structure.
To address the mentioned challenges, a matching network reused T/R switch with

embedded TX harmonic suppression function and LNA bypass route integration is in-
troduced. The presented BLE TRX features a direct 50 Ω single-ended antenna interface,
large receiver dynamic range with corresponding power control, and ultra-low power con-
sumption both in TX/RX mode. We detail the design and implementation of T/R switch
counterpart in [14] with a detailed analysis of the proposed switch in TX and RX mode, re-
spectively. A more detailed BLE TRX operation and measurement results are also given.

3.1 Overview of BLE Transceiver Design

Fig. 3.2 shows a block diagram of the BLE TRX. The proposed RFIO with embedded
T/R switch function is integrated within a minimized on-chip area. The fully-passive sup-
pression network in RFIO satisfies the TX OOB spurious emission requirements in the
single-point direct frequency-modulation (DFM) TX. The wide-bandwidth operation of
the implemented DPLL [11, 15] simplifies the TX design with lower power consump-
tion. Since the quantization range of the high-resolution TDC (2ps) can become much
narrow with the assistance from a 10 bits DTC, the total power of DPLL can be reduced
significantly, and good in-band phase noise can be achieved simultaneously [91]. The
wide-bandwidth also reduces the frequency settling time at the PA startup and therefore
improves the TX efficiency.

To improve the input-power tolerant of the RX, the proposed RFIO provides two re-
ceiving paths of LNA enable route (high/mid gain mode) and bypass route (low gain
mode), which are selectable via the SPI control codes. By properly configuring the front-
end path, which corresponds to the input signal power level, a large dynamic-range (-
94 dBm – +10 dBm) RX can be realized, and RX power consumption can be optimized.
The noise figure degradation from the RFIO is minimized to achieve a -94 dBm sensi-
tivity, and a close-loop DAC feedback technique in [11] is also implemented to enhance
the RX dynamic range. To further lower the analog baseband’s power consumption, the
single-channel demodulation method [92] and a hybrid-loop RX structure based on the
wide-bandwidth DPLL [11] are utilized to reduce redundant blocks. In the RX, the DPLL
serves as an LO source for the mixer, and it also works as the ADC by using the VCO as
the voltage to frequency (V2F) converter. Thus, the on-chip area can be further shrunk,
and the power requirement can be reduced.

A compact on-chip transformer converts the RF signal to differential mode with a
low-power single-input low noise amplifier (LNA), and it acts as the power combiner
with HD2 termination for the differential power amplifier.
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Figure 3.3: RF front-end with direct antenna interface.

This chapter is organized in the following manner. In Section 3.2, the proposed RFIO
with T/R switch architecture is presented, including the details of implemented trans-
former. Section 3.4 and Section 3.3 discuss the BLE TRX working with the proposed
RFIO in the RX mode and TX mode, respectively. Section 3.5 describes the experimental
results.

3.2 Radio-Frequency Input-Output

CMOS technology scaling has provided a gratifying path toward both denser and faster
integration. However, the on-chip area of passive components, mainly occupied by induc-
tors and transformers, will maintain an area that is difficult to reduce. The RF front-end
of the BLE transceiver with direct antenna interface is shown in Fig. 3.3. Through maxi-
mally reusing the passive on-chip components, including but not limited to the inductors,
a harmonic-suppressed TX and high input power tolerant RX can be realized within a
small on-chip area with an embedded T/R switch function.
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and last stage of class-E/F2 PA.

3.2.1 RFIO

In this paper, a proposed radio-frequency input-output (RFIO) in Fig. 3.4, is embedded
with an on-chip T/R switch, impedance matching, and harmonic-suppression. The pro-
posed RFIO allows 50 Ω antenna to be connected with the single-ended RFIO pin within
a miniaturized on-chip area. An RF input bypass route is also integrated to enhance the
dynamic range of the receiver while sharing the same route with the PA output.

To minimize the NF degradation and power loss introduced by the conventional T/R
switch integration, the size of the series transistors needs to be large, while the large
parasitic capacitance degrades the NF and seldom of them achieve lower than 0.5 dB
insertion loss (IL) [9]. The resonator-based switch has been introduced in [8] and the
T/R switch function in this transceiver can be realized by reusing the on-chip matching
inductor (LG) and the inductor for harmonic filtering (LF). Capacitor CLNA serves as
a fixed capacitance of LNA load network in the RX mode with LNA operation, and it
serves as a DC blocking capacitor in LNA bypassed RX mode and cooperates with TF to
block the DC and harmonic frequencies in TX mode. Note that the DC supplies of the
LNA and the PA are applied at the primary windings and the center tap of the secondary,
respectively. As a part of the matching network of TX, the capacitor CL also serves as an
LNA gain controller in RX mode.

Transformer-based TX matching network consisting of a transformer, CPA and CL

provides high impedance for HD2. The HD2 will be further suppressed by the common-
mode rejection of the TF. The resonator consisting of LF and CF are configured to resonate
at third-order frequency to suppress the HD3, and the HD3 is further filtered by the input
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Figure 3.5: The consideration of the proposed RFIO in low-power and small-area
transceiver design.

matching of LNA from its bandpass characteristic. Therefore, the TX matching network
acts as an HD2 terminator, while the LNA input matching network provides more HD3
suppression. In the TX mode, the LNA transistors are turned OFF and introduce negli-
gible TX power loss thanks to the high impedance seen from the drain node of cascode
LNA. Note that the bias of Gm is OFF, therefore, only small parasitic capacitance is intro-
duced by the gate of the Gm transistors, and it can be absorbed into the fixed part of the
adjustable CPA.

Design Procedures of RFIO

The proposed RFIO can be potentially implemented in low-power and small-area transceiver
designs. The consideration flow of the feasibility of this structure in other designs is
shown in Fig. 3.5. This technique is suitable for designs that work at time division mode
with multiple inductors. Also, to switch the matching network, the frequency of both TX
and RX should work at the same frequency band. Otherwise, the inductance of the input
and output will be totally different, which is difficult to be shared with each other. After
confirming the feasibility of these proposed techniques, there are mainly four steps to de-
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signing this circuit.

Step 1: Design the cascode LNA and PA individually use the same transformer as the
load inductors. The transformer design should mainly be based on PA simulation results.

Step 2: Design LNA matching network for two modes, impedance matching for RX
mode and HD3 filter network (LG, CG, LS). These two functions should be realized with
fixed inductor value by only switching the CG (the gate capacitance of LNA’s input tran-
sistor should also be considered).

Step 3: Choose proper LF and design CF range to resonate at fundamental frequency
to isolate the feedback of LNA and resonate at HD3 to filter the harmonic. This step
should depend on the simulation results of the LNA’s NF performances. The resonate
impedance of LF, and design CF should be maximized at the fundamental frequency.

Step 4: Choose proper RON,S1 (depends on transistor size) and CLNA to add an AC
ground as part of LNA’s load and PA’s output matching. The value of RON, S1 is mainly
determined by the required voltage gain and the stability of the LNA. While the CLNA is
mainly determined by the output matching of the PA side.

3.2.2 LNA and Gm

Since the RF current domain receivers, which use a low-noise trans-impedance amplifier
(LNTA) followed by a passive mixer, shows superior linearity performance than a conven-
tional LNA operating in voltage domain, the RF current domain receivers become popular
in the BLE transceivers [11, 17, 88, 92]. To achieve lower power consumption, low sup-
ply voltage is commonly applied in the LNA/LNTA design [88][92]. A current-reusing
structure is proposed in [11] without lowering the supply voltage. Since the conventional
cascode LNA shows good enough noise performance with low power consumption and
sufficient voltage gain with a robust implementation [93], a 0.6 V supply voltage cas-
code LNA is implemented and easily combined with the RFIO, which is followed by a
transconductance amplifier (Gm), as shown in Fig. 3.6.

Instead of directly connecting the PA transistors with LNA input matching network
[89], the PA transistors are connected with the secondary windings to avoid introducing
low quality-factor capacitance in the gate of the input transistor, and the high voltage gain
from the LNA also minimize the NF degradation caused by the introduced PA transistors.
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Figure 3.6: RF building blocks including LNA, Gm and passive mixer.

DC offset due to the LO leakage can also be mitigated in the high gain mode thanks to
the isolation between the input of LNA and the PA transistors. Variable gain control is
integrated with the LNA by adjusting the load shunt transistors.

Meanwhile, the LNA gain degradation from the PA transistors is also negligible be-
cause of the much larger resistance of the off-state PA transistors than the LNA load
impedance. In order to bypass the LNA in the RX low-gain mode, both of LNA and PA
transistors are turned off while the TF transfers the input signal to Gm directly. The CG is
configured to resonate with LG at the fundamental frequency, in case of RF stress on the
gate of LNA due to the large input signal. A good matching condition is maintained with
appropriate on-state switch resistance (SW1) in LNA bypass mode.

3.2.3 PA

As the most power-hungry RF component in the TX operation, the design of integrated
PA is confronted with several critical problems, including high power-added efficiency
(PAE) with relatively low output power and strict out-of-band spur emission. To enhance
TX efficiency, switching PAs are commonly employed with efficiency theoretically ap-
proaching 100%, which also introduces strong harmonics. A class-D PA which has the
lowest insertion loss theoretically is an attractive candidate for 0 dBm output power ap-
plication, such as BLE [86]. However, its poor HD2 performance limits its practical
application, which is from the asymmetrical switching. One-time HD2 duty cycle cali-
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bration by making the DC voltage approach the VDD/2 is effective in suppressing its HD2
component but helpless on the odd components suppressing. Thus, the RFIO including
matching network is designed with on/off-chip components to provide bandpass/notch
filter for further harmonics suppression [12][86][94][95][96]. The introduced on-chip fil-
tering network has to be considered seriously since it introduces NF degradation due to
the limited impedance in RX mode. Besides that, the additional calibration loop con-
sumes more power while the filtering network takes additional off/on-chip area, and it is
contrary to the low-power consumption and miniaturization of TRX.

While considering common-mode component from the differential PA, the HD2 will
experience common-mode rejection from the balanced to imbalanced port, as shown in
Fig. 3.7. Since the common-mode rejection ratio (CMRR) suffers from the phase and
amplitude imbalance of transformer, the HD2 emission ratio can be expressed in dB with
phase and amplitude imbalance effect as

Ratio(HD2,dBc) ≈ 10log10(1+K2−2Kcos2
∆Θ)+α−3 (3.1)

Where the K and ∆Θ are the amplitude imbalance and phase imbalance of the HD2,
respectively. The α represents the power ratio in dBc between the HD2 and the funda-
mental frequency from PA’s single branch, which mainly depends on the PA’s structure
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and matching network selectivity.The maximum HD2 emission ratio can be reached when
the term of (1+K2−2Kcos2∆Θ) is close to 0. That means K and ∆Θ should be as close
as possible to unity and 0◦, respectively, which are sensitive to asymmetric between tran-
sistors, besides the TF’s own characteristic. The second term in (3.1) shows how the HD2
emission suffers from the single-branch PA harmonic characteristic. The stronger HD2
generated from the single branch of the PA, the more stringent requirements for K and
∆Θ should be satisfied. Therefore, to relax the TF design and also discard the usage of
the calibration circuits, a high-efficiency PA with a lower HD2 component is desired.

In this work, a switched-mode class-E/F2 PA topology [97] with 0 dBm output power
is adopted to relax the balance requirement of the transformer. Both features of efficient
class-E and HD2 terminated inverse-F can be realized by using part of the RFIO and
the transformer. Reusing the input matching network of the LNA, which consists of LF,
LG and LS to provide HD3 filtering function, the area required by TX can be further
minimized.

3.2.4 Transformer

High efficiency and balanced transformer with a compact on-chip area is shown in Fig. 3.8.
The implemented transformer plays different roles in TX and RX mode: (1) realizing 2nd-
harmonic rejection while offering the appropriate inductance for class-E/F2 operation, (2)
scaling up load impedance seen by transistors to achieve higher TX efficiency [5] and real-
izing power combining, (3) enabling a single-ended LNA solution and reducing the LNA
power consumption compared with differential LNA structure [98]. Note that increas-
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Table 3.1: PERFORMANCES SUMMARY OF TRANSFORMER DESIGNS

This Work
(Transformer) [99] [17] [100] [101]

Technology
65nm

CMOS
65nm

CMOS
28nm

CMOS
180nm
CMOS

180nm
CMOS-IPD

Frequency (GHz) 2.44 1.845 2.50 1.8 4.5
Lprimary (nH) 2.3 2.82 0.43 1.89 N.A.

Lsecondary (nH) 4.5 7.46 1.41 5.07 N.A.
Qprimary 12.2 4.84 11.4 7.31 N.A.

Qsecondary 12.7 6.12 16.8 9.99 N.A.
km 0.88 0.94 0.76 0.72 N.A.

Efficiency
(ηp, maximum) 83.4%* 67.8% 82.7% 72.3% N.A.

Efficiency
(ηp, RL= 50Ω) 81.8%* 64.7% 46.5% 58.3% 83%

* calculated based on simulation results and equations from [44].

ing LNA gain without additional power overhead and scaling up the antenna impedance
for low-power output impedance matching can be achieved simultaneously with a step-up
transformer (LP, S) structure. As the central component of the RFIO, the transformer needs
to be optimized in multiple aspects, including the adequate impedance transformation in
TX mode and available loading impedance in RX mode. The imbalance performance,
including phase imbalance and amplitude imbalance, should also be minimized for TX-
HD2 termination and RX common-mode noise rejection.

η =
1

2
QPQSk2

m
(
√

QPQSk2
m +1+1)+1

(3.2)

As illustrated in the [44], the power combination efficiency η can be maximized using
a coupling factor km as close as possible to unity, which is intuitively reflected in the
equation (3.2), where QP and QS represent the Q-factors of the primary and secondary
windings of the transformer, respectively.

Typically, only one ultra-thick metal, copper (Cu), is available in the back end of the
line (BEOL) in digital-oriented CMOS. To maximum utilize the presence of the one thick
Cu, the on-chip transformers are usually built up in a co-planar structure and coupled with
each winding [17]. To achieve a higher Q-factor, the single-turn windings and co-planar
structure are implemented in [17]. To mitigate the on-chip area, the vertical layout integra-
tion with pattern ground shield (PGS) is also adopted by making the active devices under
the transformer, which inevitably raises the layout difficulty. To minimize the on-chip area
as much as possible while maximizing the coupling factor km, a stacked transformer with
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one thick Cu primary winding and one aluminum Al secondary winding has been pre-
sented in [99]. In order to minimize the on-chip area and achieve suitable inductance, the
2 : 3 turn transformer with only one ultra-thick metal (UTM) layer is implemented, which
occupies the same area as a single inductor. The compact on-chip area, the high Q-factors
of both windings, and also the higher coupling factor. All these are desired with only one
available thick Cu. In this CMOS technology used in the prototype, only one ultra-thick
metal (UTM) layer is available, which has a thickness of over 3 µm. The primary winding
is implemented using the single UTM M9, with one thin lower metal being used as port
connection LP1 for LNA. Meanwhile, the port LP2 in M9 can be directly connected to the
LNA’s supply voltage (VLNA). The inner radius and metal width are optimized to pro-
vide appreciate inductance and a high Q-factor. Fig. 3.8 introduces a high km transformer,
with highly balanced performance using only one ultra-thick metal (UTM). Instead of im-
plementing the stacked transformer structure [99], the secondary winding is constructed
with both the upper Cu metal M8 and UTM M9 to minimize parasitic resistance while
the width of the inner and outer ring can be reduced to 6 µm. An odd number of turns
in secondary windings provide a symmetric structure whose crossovers are equal. A 90◦

rotation is applied on the secondary winding, allowing only M7 and M8 as crossovers
for the primary winding, and also facilitate the layout distribution by changing the sig-
nal direction, simultaneously. The electromagnetic (EM) simulation results are given in
Fig. 3.9. With the assistance of an additional metal layer M8, our transformer achieves
both of the windings’ Q-factor over 12, and the coupling factor km between two wind-
ings over 0.88 at the operation frequency of interest, as shown in Fig. 3.9(a). The value
of QPQSk2

m in the ISM band proves more than 83% maximum efficiency is available, as
shown in the Fig. 3.9(b).

As described in the Section 3, to achieve lower than -41 dBc HD2 suppression level
with 0 dBm fundamental power, the total phase and amplitude imbalance can be relaxed
to 20◦ and 2.7 dB in case of α ≤ 14dBc, respectively. In the EM simulation, lower than
3◦ phase imbalance and 0.75 dB amplitude imbalance are available from the implemented
TF while relaxing the HD2 suppression in the TX mode without occupying the additional
area. This multi-layer transformer shows both high coupling and Q-factors and good
imbalance performances, which demonstrate its practicality as the central part in this
RFIO design.

3.3 High Dynamic-Range Low-Power Receiver

Some ISM-band receivers are presented with high sensitivity [11, 12, 17, 81–84, 86–
88, 92, 102–105] while mixer-first RXs show much lower power consumption [84, 103].
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Since high power transmission in practical applications where short ranges could be en-
countered may cause the RX to be saturated. Even though the received power control
requests shall be supported with power class 1 Bluetooth devices, the enlargement of the
RX input power tolerance (>+4 dBm) is also an alternative way to ensure the fast and
reliable link. Also, the power consumption of the receiver can be optimized to extend
its life-time according to the input signal strength and application scenarios. Since the
LNA bypass route can relax the linearity of the front-end while the RX power can also
be reduced. Meanwhile, the high RX sensitivity requires a low noise factor. Thus, min-
imized noise factor penalty and high input-power tolerance through configuring the RX
input network are desired in the implementation of RFIO within an identical on-chip area.

With the emergence of new Bluetooth standard (v5.1) [4], the communication dis-
tance is enhanced with several times compared with the BLE (v4.2), using a maximum
of 20 dBm output power (maximum output power for LE in v4.2 is 10 mW), when com-
munication between different distances exists at the same time Some BLE receivers are
proposed with significant power reduction while achieving high sensitivity [11, 12, 17,
86, 88, 92]. As two of the most popular RX structures for frequency-shift keying (FSK)
systems, low-IF, and zero-IF receiver architecture show excellent sensitivity and blocker
performance by utilizing both I and Q channels [17, 86, 88], aggravating the power con-
sumption of LO buffers and analog baseband (ABB). As another popular structure in
low-power design, the sliding-IF structure with lower power required by the LO genera-
tion can achieve high power efficiency [12][83][85], although it causes image problems.
In recent year, the single-path down-conversion method has been introduced in a hybrid-
loop receiver [92] and consummated in [11]. The DPLL used as the LO digitizes the
analog baseband signal Vbb through a varactor which performs as a voltage-to-frequency
converter.

Phase noise requirement in ultra-low-power FSK transceivers has been analyzed in
[106]. Considering the desired signal level with -67 dBm under a -40 dBm blocker at 3-
MHz offset, a LO noise performance of less than -99 dBc/Hz at 3-MHz offset with lower
than -40 dBc spur level is strictly required.

LPN,max ≈ Sdes−Sblo−SNRmin−10logBWeff,noise (3.3)

For BLE receivers, the worst blocker case (Sblo) is -40 dBm specified for offsets
greater than 3 MHz. While the effective noise bandwidth BWeff,noise is increased by
250 kHz due to the noise folding from the image part [92], the phase noise floor LPN,max

works out to -96 dBc/Hz for a BLE receiver requiring a SNRmin ratio of 10 dB to achieve
lower than 0.1% BER performance. Hence, to reach a minimum sensitivity of -94 dBm



3.3 High Dynamic-Range Low-Power Receiver 115

Table 3.2: LNA SIMULATION RESULT SUMMARY

S11 (dB) Gain (dB) NF (dB)
LNA Only -13.1 21.2 3.35
LNA w/ CG -13.6 21.1 3.46

LNA w/ CG, LF, CF -10.3 21.0 3.83
Entire LNA

(w/ CG, LF, CF, PA Tr.) -10.4 21.0 3.84

and standard-compliant blocker performances, an in-band PN lower than -110 dBc/Hz
low-power fractional-N DPLL is implemented with sufficient margin.

3.3.1 BLE Receiver in High/Mid Gain Mode

To realize a high sensitivity and low-power consumption receiver, the LNA is the most
critical component, while hard limitation exists between the power, noise performance,
and linearity. The additional T/R switch inevitably degrades the noise performance, which
should be minimized.

In Fig. 3.10, the configuration of receiver high/mid gain mode is shown. As the
most power-hungry part in the front-end, the single-ended input LNA with a single-to-
differential load structure is designed to minimize the power consumption and reduce
susceptibility to supply noise. The CG is disconnected with the gate inductance LG, while
the shunt switch S2 is turned off with a high off-resistance RON,S2. In this mode, the CLNA

acts as a fixed part of the load capacitance in series with a low resistance value of RON,S1.
In order to mitigate the side effect introduced by the TX output path, e.g., NF, return loss,
and gain, the ZPA,RX are desired with high impedance and low noise contribution. A high
impedance of ZPA,RX has three effects: 1) isolate the amplified output signal from the
input port in case of instability leading by the drain-gate feedback, 2) minimize the degra-
dation of LNA matching status due to the ZPA,RX, and 3) reduce the input insertion loss
introduced by the PA output path. Overall, the NF degradation from the TX output path
should be minimized while a large magnitude |ZPA,RX| is desired. The resonant frequency
of the parallel connection of LF and CF is adjusted to the operating frequency ω0. In the
operating frequency, a 520 Ω of |ZPA,RX| can be provided by the parallel connection of the
LF and CF. To eliminate the influence from the TX output path on the matching status, the
following equation can be utilized when the shunt switch’s resistance (RON,S1) is ignored.

ZRX = ZLNA,RX ‖ ZPA,RX (3.4)

The total input impedance ZRX seen by the antenna in RX mode can be estimated



116 Bluetooth Low Energy Transceiver with Direct Antenna Interface

VLNA

V
P

A

TF

LNALNA

ZF

CLNA

RON,S1

VOUT

RS

Gm,LNA

ZLNA,RX

VIN

Z
L

Gm

Gm

Figure 3.11: Simplified LNA model with proposed RFIO.

12

14

16

18

20

22

1.0

3.0

5.0

7.0

9.0

11.0

1 10 100

S
ta

b
il
it

y
 f

a
c

to
r

ZF/Ron,S1

G
a

in
 (

d
B

)

Ron,S1≈12Ω   

Gain

Stability factor

Figure 3.12: LNA voltage gain and stability factor as the function of ZF/RON,S1.

by considering the parallel combination of a 520 Ω of |ZPA,RX| and the input impedance
(ZLNA,RX ≈ 37−5 j) from an inductive-degenerated cascode LNA [107]. The return loss
can be as low as -15.9 dB without obvious degradation in post-layout simulation, com-
pared with no T/R switch case, thanks to the comparatively high impedance from the
ZPA,RX. The NF degradation is minimized to 0.5 dB while maintaining a good matching
condition.

Fig. 3.11 simplifies the operation of the LNA with proposed RFIO in RX high/mid
gain mode. The VIN represents the input signal from the antenna port. Amplified signal
VOUT is generated with LNA transconductance gain Gm,LNA and load impedance ZL pro-
vided by TF with capacitance including CLNA. As shown in the LNA high/mid gain mode
in Fig. 3.11, one feedback loop is presented between the VOUT and VIN. We have

VOUT

VIN
≈ gm,LNAZL

1+ ZF
RON,S1

+ sZFCLNA

1+ ZF
RON,S1

+ sCLNA(ZF−RSgm,LNAZL)
(3.5)



3.3 High Dynamic-Range Low-Power Receiver 117

Fig. 3.12 plots the LNA voltage gain and stability factor versus the ZF/RON,S1. With
the assistant of NMOS switch transistor (S1) which has a on-resistance RON,S1 range from
12Ω to 46Ω, a maximum 21 dB LNA voltage gain can be obtained with a ZF/RON,S1 ≈ 43
while sufficient stability factor (>5) is also achieved.

The total power consumption of the LNA and Gm can be reduced to 0.7 mW, while a
0.6 V supply voltage is applied on the LNA. With fully on-chip impedance matching, the
minimum noise figure of the LNA with the embedded T/R switch is 3.84 dB. The total
RX front-end achieves 6.5 dB minimum noise figure integrated with 1-MHz bandwidth,
using the spectrum analysis method shown in [108]. A 250 kHz IF is adopted, which
enables the conversion of GFSK to DBPSK and demodulation only with a single chan-
nel. A current-driven double-balanced passive mixer is implemented to avoid introducing
additional flicker noise and power overhead while providing higher linearity compared
with active mixer [109]. The low-pass input impedance of the analog baseband trans-
impedance amplifier (TIA) is frequency transferred by the passive mixer to the output
of the Gm [110][111]. The filtering bandwidth is approximately 750 kHz which is suffi-
cient for a 1-MHz demodulated baseband signal. The maximum PGA gain is 28 dB with
7 dB gain steps. By using only I-channel for demodulation, the ABB saves the on-chip
area and power consumption while achieving a compromise between noise and linearity
performances.

The input-referred third-order intercept point (IIP3), as one of the index of the receiver
linearity, can be expressed as:

1
IIP3RX

≈ 1
IIP3LNA

+
GLNA

IIP3Gm
+

GLNAGGm

IIP3MIX
+

GLNAGGmGMIX

IIP3ABB
(3.6)

Where the IIP3ABB represents the IIP3 of the analog baseband circuit, including the
LPF and VGA.

Fig. 3.13 shows the IIP3 measurement results using a two-tone test from an oscillo-
scope with spectrum analysis function. In order to achieve a wanted SNR performance,
the nonlinear product from in-band/out-of-band interferences should be smaller than the
noise floor with sufficient margin. The in-band IIP3 of the front-end is measured using
one input at 2.43450 GHz and the other input at 2.43451 GHz with an LO frequency of
2.434 GHz, which generates an in-band IM3 product at 490 kHz. The measured in-band
IIP3 of RX is -56.1/-30.5/-0.1/17.5 dBm in the high/medium/low/bypass gain settings. By
feeding two tones at 2.5000 GHz and 2.56551 GHz, an out-of-band (OOB) IM3 product
at 490 kHz IF with a 0 dBm OOB-IIP3 can be measured with a 2.434 GHz LO.

In the case of the ABB saturated by the DC offset due to the LO self-mixing in high
gain mode, a shunt switch is inserted between the gate of the disabled PA transistors.
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Figure 3.13: RX measurement summary: (a) maximum RX front-end gain (b) minimum
noise figure of the RX (c) in-band IIP3 in high gain mode (d) in-band IIP3 in medium
gain mode (e) in-band IIP3 in low gain mode (f) in-band IIP3 in bypass (negative gain)
mode (g) out-of-band IIP3 (h) out-of-band IIP2.
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In the post-layout simulation, the LO isolation between both ends of PA is over 70 dB,
which should also thank the gated LO buffer. Since the LO leakage doesn’t experience
the amplification of the input LNA, the DC offset can be mitigated. To prevent the LO
leakage from the substrate and radio emission, the layout of the DCO and the front-end
are physically separated as much as possible, which slightly increases the required area,
and the LO distribution is through the ground shielded transmission lines. A 100 kHz
IM2 product is measured by using two OOB signals, one at 2.5000 GHz and the other at
2.5001 GHz. A 45 dBm OOB-IIP2 is achieved in this condition.

3.3.2 BLE Receiver in LNA Bypass Mode

To increase the front-end linearity, the LNAs typically have several gain modes. An input
signal bypass is shown in the low-gain operation of a receiver only design [112]. The
LNA input-output terminals are shorted by adding shunt transistors in a common way.
As indicated in the [92], an attenuator at the input is implemented to attenuate the input
signal in the mid/low gain mode, in which a high-Q external matching inductor is also
included for better performances.

The close-loop DAC feedback technique illustrated in the [11] evidently enhances the
dynamic range of the RX by preventing the voltage-to-frequency (V2F) component from
working in the nonlinear region. However, the front-end still suffers from the large input
power, and it is inevitable to increase the power consumption to maintain the linearity.
Meanwhile, with larger than -5 dBFS input amplitude, the SNDR of the DPLL-based
ADC rapidly drops as one of the measurement results shown in [11]. Thus, the bypass
mode must provide sufficient attenuation (e.g., Pin >+4 dBm) in case of degrading the
DPLL-based ADC performance. To mitigate the use of the off-chip components and
enlarge the adjustable gain range of the front-end to maintain good linearity with large
input power, the implemented front-end, which presented in Fig. 3.3 can be configured
into LNA bypassed mode by using the proposed miniaturized RFIO. Therefore, a high
dynamic-range RX (-94 dBm ∼ +10 dBm) can be realized in this BLE TRX.

While the LNA is bypassed, the trans-impedance amplifier Gm will become the first
input stage. Regardless of the nonlinearity from the switch transistors, the IIP3 of the
LNA bypassed mode can be expressed as:

1
IIP3RX

= GRFIO(
1

IIP3Gm
+GGm(

1
IIP3MIX

+
GMIX

IIP3ABB
)) (3.7)

Where the GRFIO is the gain from the RFIO network, and it can be described as an
attenuation in the negative case.

In this proposed BLE TRX, the LNA can be bypassed by reusing the PA output path
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while both biases of the LNA and PA transistors are set to low. The configuration is shown
in Fig. 3.14. By tuning the capacitor CF to the minimum value and turn on the shunt
transistors to the state-on; the on-state transistors provide a low impedance RLOAD for the
input power dissipation, while the transformer converts the single-ended input signal to
differential signals. With four independent Gm cells, which are also set to low-gain mode,
this attenuated RF signal will be transferred into the current domain.

The attenuation (GRFIO) of input RF signal through this bypass route can be estimated
by using the following equation, while considering the on-state resistance of the shunt
transistor RON,S1 and the impedance from the LF, CLNA and RLOAD.

GRFIO ≈−20log(| sLF

RLOAD
+

1+ sLF
RON,S1

sCLNARLOAD
|) (3.8)

By considering LF = 2.95nH,CLNA = 450fF,RON,S1 ≈ 46Ω and RLOAD ≈ 22Ω, the
attenuation of the RF through bypass route can exceed 20 dB. Similar to the LNA high/mid
operation mode, this attenuation can be set by a thermometer-code word RL[3 : 0] to values
in steps of 4 dB. The main concept of the power optimization and the input-power tolerant
enhancement are present in Fig. 3.15. Fig. 3.17 shows the measured SNDR from the PGA
output monitor. According to the input power strength and application scenarios, the RX
power consumption can also be optimized. Fig. 3.18 shows the RX power consumption
versus the input power. With a proper front-end configuration, the total RX power can
achieve lower than 2 mW with a larger than -16 dBm input power.

The input impedance matching can still be realized in the bypass mode, which is
benefit from reusing the on-state resistance of the shunt transistor RON,S1. While the input
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impedance of the bypass mode in Fig. 3.14 can be calculated by the following equation.

ZBYPASS,RX = ZPA,RX ‖ ZLNA,RX (3.9)

In case of the input impedance of LNA, ZLNA,RX, affecting the ZBYPASS,RX, it is de-
sired that the input impedance mainly comes from the ZPA,RX. Hence, the ZLNA,RX should
show a high impedance at operation frequency, seen from the input port. In this con-
dition, the main resonant frequency of the parallel connection of LG and CG is roughly
adjusted to the operation frequency ω0, which is similar in the TX mode. Considering the
RLNA,RX� |ZPA,RX|, the ZBYPASS,RX can be consequently estimated as

ZBYPASS,RX ≈ ((
1

sCLNA
‖ RON,S1)+ sLF)

=
RON,S1

1+ω2R2
ON,S1C2

LNA
+ s(LF−

RON,S1CLNA

1+ω2R2
ON,S1C2

LNA
)

(3.10)

With the parameters mentioned before, the input impedance of bypass mode, ZBYPASS,RX,
can be calculated at operating frequency (≈ 42+29 j), which also guarantees lower than-
10 dB return loss in bypass mode.

The degradation of CMOS transistors under RF stress has been reported in [113][114].
Gate-oxide breakdown is catastrophic in the RF circuits and must be avoided under all
situations. In case of a large RX input signal, e.g., 2 V Vpp, the presenting of large voltage
waveform at the LNA input transistor’s gate (Vgs) should be avoided. With the proposed
RFIO, the voltage amplitude of Vgs can be minimized, e.g., 25 mV Vpp, thanks to the high
resistance RLNA,RX (≈ 1.3kΩ) introduced by the parallel connection of LG and CG.

Thanks to the embedded RF bypass route, the maximum receiving power can be sig-
nificantly enhanced. The linearity of the front-end circuit can also be relaxed while main-
taining a good impedance matching condition. The implemented DPLL-based ADC with
close-loop DAC feedback can further improve the RX dynamic-range without additional
power and on/off-chip area. Finally, high sensitivity with a large input signal tolerant
receiver can be realized within a minimized on-chip area.

3.4 High Efficiency and Harmonic-Suppressed Transmit-
ter

A DFM TX shows potentially higher system efficiency compared with conventional Cartesian-
TX while performing medium-rate FSK modulation [5, 96, 115–117]. Also benefits from
its simple structure, the DFM is easier to be utilized in a compact BLE TX operating a 1-
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Mbps GFSK modulation. The TX mode configuration of the BLE transceiver is shown in
Fig. 3.19. The tested TX data is inputted from outside the chip and retimed with a 13-MHz
clock. A 10-bit signed fixed-point number is generated from the encoder by using the re-
timed TX data. The GFSK filter with gain normalization generates a 24-bit number with
a modulation index of 0.5 and a BT of 0.5. The FCW, which contains a 6-bit integer part
and 18-bit fractional part, is added with the retimed modulator output Cmod. This number
is fed into the DPLL with a gain of KDPLL to generate the RF frequency, fout, with 1-Mbps
modulation information, which can be expressed as fout = (FCW +Cmod) ·KDPLL.

A low-power and 5 MHz-BW DPLL which benefits from the time-to-digital (TDC)
range reduction [91] and the loop-latency reduction techniques [11] are implemented to
achieve a low TX power consumption while realizing a sufficient TX modulation band-
width.
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3.4.1 HD2 Rejection

In this co-design of RFIO and PA, the inductor/transformer numbers are restricted to
save chip area. As we notice that, a TF-based PA matching network can be exploited
to impedance matching and harmonic suppression simultaneously, which benefits from
its radically different characteristics between the differential-mode (DM) signal and the
common-mode (CM) signal. A class-E/F2 PA is implemented with a transformer-based
matching network as shown in Fig. 3.19. To maximize the output power from a given
device, specific load impedance (ZL) should be presented at the device output [118].
Fig. 3.20 shows both of the simulated DM and CM impedances seen from the PA’s drain
node.

The transformer-based F2 tank shown in Fig. 3.20 demonstrates two resonate frequen-
cies ωCM and ωDM. Since the single-ended (SE) winding LP and CP are invisible for
the CM signals because of the flux canceled by each other, the ratio ωCM/ωDM can be
tuned simultaneously with adjusting the CL which cooperating a fixed CS. The resonate
frequency at the CM excitation ωCM is estimated as 1/

√
LSCS/2, where CS contains the

parasitic capacitance from the PA and Gm as well as the transformer. Meanwhile, if the
0.5≤ Km ≤ 1, we have the ωDM = 1/

√
LPCL,TX +(LSCS)/2 according to [5]. To satisfy

the ratio of the ωCM/ωDM ≈ 2, the required CL,TX can be obtained via

CL,TX

CS
≈ 3LS

2LP
= 3 (3.11)

While analyzing the required CL,RX in RX mode, we have the DM resonate frequency
ωDM,RX ≈ 1/

√
LP(CL,RX +CLNA)+(LSCS)/2. Thus, the relation between CL,TX and

CL,RX can be evaluated as,
CL,TX−CL,RX ≈CLNA (3.12)

Therefore, capacitor CL is designed to have 3 coarse bits to cover both TX/RX resonate
mode, and 4 fine bits are also adopted for compensating the PVT variations. To assess
the robustness of HD2 suppression, we carried out 200-run Monte Carlo simulations on
process variations. The maximum value of HD2 is lower than -50 dBm at 0 dBm output
power, as shown in Fig. 3.21.

3.4.2 HD3 Suppression

In order to achieve high-efficiency zero voltage switching (ZVS) operation, the inductive
reactance LS and LP in the ISM band are optimized, respectively, while the capacitance
CPA and CLOAD can be adjusted with SPI control codes. The tuning range of CLOAD
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is determined by incorporating the output capacitance of the transistor and the parasitic
capacitance of the transformer. CLNA also serves as a DC cut capacitor while the VLNA

with decoupling capacitors is implemented as the AC ground. With utilizing the tunable
capacitor CLOAD and CPA, the TF-based differential PA can be configured into class-E/F2

operation. The TX nominal output power is 0 dBm, which gives a voltage peak less than
1.4 V on transistor drain node with a 0.6 V supply voltage (VPA).

As described in the Section 3.2, with a balanced transformer, the HD2 can be sup-
pressed below -41 dBc. However, class-E PA generates significant HD3 component [119][120].
As we notice, there are two inductors that exist in the LNA matching network which can
form an HD3 notch-filter based on LNA source degenerated inductor LS while providing
high enough impedance for fundamental frequency ffund.. Fig. 3.22 shows the proposed
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HD3 notch-filter reusing LNA matching network, which has an impedance featuring a
parallel resonance pole (LG, CG) and a series resonance (LS, Cgs) zero. Compared with
the conventional parallel resonant pole only structure [12], as the dashed line shown in
Fig. 3.22, the proposed LNA input matching network, benefits from a reinforced HD3
suppression and approximately the same impedance at the desired frequency band.

To reuse the LNA matching inductors to construct a high-impedance for operation
frequency with a notch characteristic for HD3 component, the appropriate values of LG,
CG, LS and Cgs have to be chosen such that the maximum of ZLNA,TX aligns with the
operating frequency, which can be express as

ZLNA,TX =

ZG,Fund.︷ ︸︸ ︷
(
ωLG

QG
+ sLG) ‖ (RON,S2 +

1
sCG

)

+
ωLS

QS
+ sLS +

1
sCT︸ ︷︷ ︸

HD3

(3.6)

The first item in the (3.6) represents the parallel impedance ZG with considering the on-
resistance RON,S2. The CT represents the series capacitance from the CBIG, Cgs and LNA
transistor gate capacitance. In order to demonstrate the influence on TX efficiency from
the on-resistance of RON,S2, the ZG can be rewritten as:

ZG =
sLGZequiv.

Zequiv.+ sLG + s2LGCGZequiv.
(3.7)

In which,
Zequiv. = ωLGQLG ‖ RON,S2Q2

LG
(3.8)

The insertion loss from a pair of resonator has been discussed in [80][8]. Note that
for low-power LNA designs, a large gate inductance LG (e.g., > 10nH) is typically im-
plemented for low-power common source LNA input impedance matching due to the
limited gm from relatively small transistor size [11, 93]. As indicated in the (3.8), the
large inductance of LG relaxes the transistor size of the shunt switch. The simulated char-
acteristic of RX path with different RON,S2 are shown in Fig. 3.23. With a 140 µm/60nm
NMOS transistor with FBB technique [8] in a standard 65-nm process, which provides a
RON,S2 ≈ 4Ω, the insertion loss from the RX path can be reduced to 0.15 dB, thanks to a
resonant impedance of more than 1 kΩ at the operating frequency realized with a relatively
small switch transistor size. To minimize the HD3 component, the sLS + 1/sCT should
be chosen to create a zero at the location of HD3. A 1.3nH LS with small on-chip area
(QS ≈ 10) is adopted. Fig. 3.24 shows the simulated TX performances. 0.6 V DC sup-
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ply is implemented in PA to generated 0 dBm power with 0.6 dB margin. In simulation, a
31.2 % power-added efficiency (PAE) is achieved with integrated filters and inverter-based
drivers. Fig. 3.24(b) shows HD3 performances with the proposed TX matching network.
The paralleling LF and CF provides 19 dB suppression. Meanwhile, by reusing the passive
components in the LNA matching, the RX path also provides around 5.5 dB reinforced
HD3 suppression from its bandpass/notch characteristic. Thanks to the wide bandwidth
of the implemented DPLL, single-point direct frequency modulation can be realized. The
low in-band phase noise and spur performances promise that the output signal spectrum
meets the BLE requirements. Meanwhile, the low output power and far apart layout from
the oscillator mitigate the pulling effect from the PA. The last stage of drivers are gated
by using a large PMOS shunt transistor as shown in Fig. 3.25. In the simulation, the PA
leakage is still around -45 dB (with PMOS shunt transistor is turned off, and the bias of
driver is set to low). Considering the RX gain of the following stages (around 44 dB in
minimum sensitivity case), this leakage will still have a big influence. With the shunt
switch’s help, this leakage can be reduced to lower than -80 dB, which can be negligible,
as shown in Fig. 3.26.

The low-power DPLL, which only consumes 1 mW in TX mode, and a high-efficiency
PA with harmonic-suppression network guarantees an 18.5% TX efficiency and fulfills the
OOB harmonic emission requirements with fully on-chip integration.
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Table 3.3: START-UP TIME SUMMARY OF EACH COMPONENT IN BLE TRANSCEIVER

Start-up Time
PLL ≤ 15 µs

Bias Generation ≤ 0.1 µs
RF Front-end ≤ 0.1 µs

TX/RX Switch ≤ 0.01 µs
Analog Baseband ≤ 1 µs

Total < 17 µs

Analog
BB

Digital
BB

Control 
Logic

DPLL

DCO I/O
Buf.

2.1mm

1
.2

m
m

PA Gm

LNA&PA
T/R Switch

MIX

Figure 3.27: Chip micrograph of miniaturized BLE TRX.
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Table 3.4: ON-CHIP AREA OF EACH PART

LNA&PA, T/R Switch 0.56 mm2

Analog BB 0.06 mm2

DPLL 0.05 mm2

DCO 0.18 mm2

Digital BB 0.14 mm2

Control Logic 0.12 mm2

3.5 Measurement Results

Note that all the BLE transceiver performances are measured with the constant carrier
frequency (e.g., 2.44 GHz), due to the lack of frequency hopping function in the presented
BLE TRX design which only includes simply function of modulation and demodulation.
Device identification, channel classification, channel information exchange, and adaptive
frequency hopping these functions can only support by a complex digital baseband and
has little relationship with the low-cost and low-power targets. In this design, only simply
baseband with modulation and demodulation functions are embedded for the RX and TX
measurements. However, for this design, the startup time is listed for each component
in table 3.3. As specified in the BLE standard, the BLE transceiver hops at a rate of
1600 times per second over 40 2-MHz-wide channels. The time interval between two
hops is around 1s/1600 = 625µs. The longest startup time of the presented design is
less than 17 µs. However, in the actual case, there are must be amounts of calibrations
(e.g., DC offset calibration and PA calibration and digital control logic (e.g., MCU). The
main startup time is still limited by these circuits.And based on startup time values, a fast
frequency hopping can be realized, and the transceiver performances are not the bottom
neck for the BLE frequency hopping speed. It is possible to include the frequency hopping
function in the next BLE TRX design.

The T/R switch embedded BLE TRX is implemented in 65-nm CMOS technology.
The chip micrograph is shown in Fig. 3.27. The on-chip area of each building blocks is
shown in the following Table 3.4. This prototype of the miniaturized BLE TRX occu-
pies only 0.85 mm2 on-chip area, excluding the digital BB and control logic. Fig. 3.28
shows the exclusive RF port return loss in both TX and RX modes, obtained by using the
Keysight N5247A. Across the Bluetooth Low Energy spectrum bandwidth of 83.5 MHz,
the measured return loss is around -15 dB in both TX and RX high-gain operation modes.
In the LNA bypass mode, the measured return loss also can achieve lower than -10 dB.

Fig. 3.29 plots the measured representative phase noise of the fractional-N DPLL and
the phase noise with +10 dBm input power when the RX is on. The DPLL achieves an
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Figure 3.28: Measured return loss in TX and RX.

in-band phase noise of -110.7 dBc/Hz at 1-MHz offset frequency from 2.434 GHz. The
measured in-band fractional spur of DPLL is -53 dBc. The close-loop DPLL shows an in-
tegrated PN of 0.76◦ (10 kHz∼20 MHz) with around 5-MHz bandwidth, which consumes
1 mW and 1.1 mW in TX and RX mode, respectively. A reference doubler has been inte-
grated inside the DPLL, which provides 52 MHz doubled reference clock for the DPLL
to achieve wide-bandwidth operation. The measured worst fractional spur is -51 dBc at
around 6 kHz offset frequency. According to the blocker requirements (e.g.,± 3 MHz), a
phase noise lower than -99 dBc/Hz is required while considering the most stringent ACR
performance [11]. Common 26 MHz crystal, and input resistor feedback buffer can eas-
ily achieve -150 dBc/Hz at 3 MHz offset. The referred reference phase noise at 2.4 GHz
is -110 dBc/Hz, which contributes less than TDC. For BLE application, -110 dBc/Hz is
more than enough, and the in-band phase noise will still be dominated by TDC resolu-
tion, and reference noise contribution is negligible. A 26 MHz common crystal oscillator
with PN lower than -150 dBc/Hz at 3MHz frequency offset, such as EPSON-TG2016
(-160 dBc@3MHz), can be potentially implemented and sufficient for BLE application.

The middle bump is not from the EM coupling and supply coupling. This disturbance
is desired as the fundamental operation for this kind of receiver. Though the input FSK
signal is down-converted and transported into the DCO. The DCO frequency changes
according to the disturbance. However, if the ADPLL is active and the loop bandwidth
is much wider than the maximum frequency of the disturbance, the ADPLL tries to keep
the DCO frequency constant by adjusting the digital loop filter oppositely to disturbance
[11]. As a result, the FSK signal can be extracted from the output of PLL’s digital loop
filter. Due to the DCO transfer function, there will be a bump show in the mid of the phase
noise, which is desired baseband signal. The blue line is PLL and PA only, while PA’s
output is only -10 dBm. In the green line, PA is turned off, and the front-end is switched
to bypass mode. Phase noise degradation may be caused by unexpected coupling from
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Integrated PN  = 0.76° (10kHz ~ 20MHz)
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another test buffer (with resistor load), digital circuits, and equipment (SG). Due to the
T/R switch implementation, the test buffer with high power consumption must be turned
on to measure the PLL phase noise (PA is turned off). Since there is coupling from this
buffer, PLL phase noise will be degraded. This degraded phase noise will not degrade
NF performance and only slightly degrade interference rejection due to the 3MHz phase
noise increment. In real RX operation, the test buffer is off, the disturbance from this
buffer will disappear, and the phase noise may be better than the green line if Fig. 3.29.
The measured flicker noise is degraded due to the narrow capture setting of the equipment
(Keysight E5052B).

In addition, through the power supplies are separated, and in case of disturbance cou-
pled from other circuits, there is only one global ground line for different parts of the
circuit, as shown in Fig. 3.30. The external signal generator and digital baseband cir-
cuit pollute the global ground, which also influences some sensitivity circuits inside the
DPLL, such as DCO, DTC, and TDC. Thus, a lot of noise spurious appears on the spec-
trum, which is coupled from the ground line.

Fig. 3.31 verifies the TX harmonic suppression performances through the conducted
measurement at the middle-frequency channel (2.44 GHz). The suppression of TX-HD2
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Output 0dBm

HD2=-56dBm HD3=-48dBm

BLE spec.
-41dBm

(a)

HD2=-70dBm

HD3=-50dBm

Output -6dBm

BLE spec.
-41dBm

(b)

Figure 3.31: Measured TX typical harmonic: (a) 0 dBm output power; (b) -6 dBm output
power.



3.5 Measurement Results 137

Table 3.5: THE POWER COMPARISON OF EACH COMPONENT WITH STATE-OF-THE-ART

BLE DESIGNS.

This Work [17] [121] [11] [92]

LNA 0.7 mW
(30%)

0.7 mW
(28.5%) 0.69 mW

(35.2%)
0.7 mW
(30%)

1.36 mW
(26.8%)Gm N.A.

Mixer* 0 N.A.
ABB 0.5 mW 0.8 mW 0.12 mW 0.5 mW 0.8 mW
ADC 0 0.25 mW 0 0 0

PLL(VCO) 1.1 mW 1.4 mW 1.15 mW 1.1 mW 2.92 mW
* mixer only, excluding LO buffer.

and TX-HD3 exceeds 56 dBc and 48 dBc, and it leaves 15 dB and 7 dB margin above
the FCC spurious emission requirement (-41.2 dBm) respectively, while the TX delivers
0 dBm power to antenna with the four PA branches enabled, as shown in Fig. 3.31(a).
In a -6 dBm output power condition, the TX-HD2 achieves -70 dBm harmonic level, and
the TX-HD3 also achieves around the -50 dBm, which are plotted in Fig. 3.31(b). The
harmonic performance of TX indicates the proposed miniaturized on-chip RFIO can avoid
the dedicated on/off-chip filter for satisfying the harmonic requirements.

To measure the worst-case TX modulation deviation, a 10101011110000 data pattern
is used. The measured maximum frequency drift is ±40 kHz under this data pattern, as
shown in Fig. 3.32(a). In Fig. 3.32(b) a 1.99% FSK error is achieved by using the digital
modulation analysis function in a vector signal analyzer. The spectrum mask at 2.434 GHz
using the maximum hold mode is shown in Fig. 3.32(c).

The interference performance of RX is measured with a -67 dBm wanted signal, as
shown in Fig. 3.33. The ratio of the desired and interfering signal is plotted in Fig. 3.33(a)
with bit error ratio (BER) just equal to 0.1%. The out-of-band (OOB) blocker perfor-
mance is measured by using the same condition as the ACR measurement, which is shown
in Fig. 3.33(b). Thanks to the good RX matching condition and the characteristic of the
gain and linearity, the OOB blocker interference performance is satisfied with the BLE
specification with sufficient margin.

The performances comparison of the T/R switch are summarized in Table 3.6. Even
though almost the BLE transceiver implements a T/R switch, it is still difficult to find
sufficient information about the switch design if the focus of the paper is not on the front-
end design or T/R switch design. Meanwhile, it is difficult to extract the parameters of
the T/R switch or LNA when the overall performances of BLE TRXs are reported.

Fig. 3.34 shows the measured power breakdown of the TX and RX, including the
digital baseband power. At the 0 dBm output power condition, the TX consumes 5.6 mW
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Figure 3.33: RX measurement results: (a) ACR with -67dBm signal input; (b) out-of-band
blocker performance.
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Figure 3.34: Breakdown of measured power: (a) TX mode with 0dBm output power (b)
RX mode with minimum sensitivity.
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Table 3.6: COMPARISON OF THE T/R SWITCHES.

This
Work [7] [8] [9] [17]

Tech. 65nm 90nm 180nm 350nm 28nm
LC Resonator

Switch Yes Yes Yes No Yes

LNA/PA
Co-design Yes Yes No No No

VDD 1 1.3 0.6/1.8 3.3 1.05
TX Insertion

Loss 0.9* <0.5 2.02/1.62 1.2 N.A.

Filter
/LNA Bypass Yes/Yes No/No No/No No/No Yes#/No

Return Loss
(RX/TX, dB) 15/17 >10 >10 >15 >15

RX Isolation
(dB) >40* 16 17.15 >15 N.A.

LNA NF (dB) 3.84* 5.5 N.A. N.A. N.A.
P1dB (dBm) >0 >30 >30 20.6 N.A.

Total Ind.
Number 4 5 2 0 4

Area (mm2) 0.56 N.A. 0.13** N.A. 0.69**

* Simulated, ** Estimated, # HD2 only
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Table 3.8: OFF-CHIP COMPONENTS COST REDUCTION

Name Price (USD) Type Conventional Proposal
Capacitor 0.006 Murata, GMR-series, 0.1µF 9 5
Inductor 0.015 Murata, LQW-series 4 0

XTAL-32kHz 0.16 Epson, FC-135 1 1
XTAL-32MHz 0.11 Murata, XRC-series 1 1

CC2541 1.39 TI, >1ku 1 1

PCB 0.014/mm2 6 layer
0.084

20 mm x 30 mm
0.07

20 mm x 25 mm
Total Cost 0.468 0.37

power, which achieves 18.5% maximum TX efficiency. Thanks to the low-power circuit
techniques and the hybrid structure implementation, RX consumes only 2.6 mW power at
the maximum gain mode when -94 dBm sensitivity is measured through confirming the
0.1% BER performance. The implemented DPLL shows a good phase noise performance
while maintaining a low power consumption. Table 3.7 summarizes the state-of-the-art
BLE transceivers and the proposed BLE TRX. The proposed transceiver embedded with
a T/R switch shows a lower power consumption with higher TX efficiency and large RX
input power tolerant. Compared with the other BLE transceivers with fully integrated on-
chip T/R switch, this work achieves the minimum TRX area without the need for external
filters and matching networks.

3.6 Conclusion

A low-power BLE TRX embedded with T/R switch is demonstrated in 65-nm CMOS
technology for IoT application. With the miniaturized on-chip RFIO, this transceiver
compliant with BLE requirements with the fully on-chip integration. With reduced off-
chip components number, the cost of total BLE modules can be reduced. The detailed cost
of each off-chip components are listed in Table 3.8. For a conventional BLE SoC applica-
tion (e.g., CC2541), total 9 off-chip capacitors, 4 off-chip inductors, and two XTALs are
required. By the way, the PCB cost is also reduced due to there are no inductors. The total
calculated cost for each BLE SoC module is reduced by about 20%. Meanwhile, the die
cost is also reduced due to the smaller on-chip size. However, it is hard to compare with
commercial SoCs because of the lack of information(e.g., chip area and process, package,
and labor cost should also be considered.). Also, for the commercial products, SoC level
design is required with much large on-chip required. Compared with other previous work
[11], more than 30 % chip area is reduced, and the design achieves the reported small-
est on-chip area with TX/RX switch function in state-of-the-art BLE transceiver designs.



3.6 Conclusion 143

In conclusion, the proposed BLE TRX will enable minimum size and long life-time IoT
modules.
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Chapter 4

Conclusion and Future Works

4.1 Conclusion of the Thesis

This research aimed to reduce the transceiver front-end chip area and power consumption,
which includes the RF input and output circuits (e.g., LNA, PA and matching network)
and the frequency synthesizer. According to the author’s knowledge, the central area
occupation is from the RF front-end due to the passive components, which cannot be
shrunk with the process scaling. There is four main proposed circuit design in this thesis.

The chapter 2 focus on the low-power and small area VCO design. As one of the
center parts of the frequency synthesizer, the VCO takes a much larger area than other
circuits. Meanwhile, to satisfy the transceiver’s phase noise requirement, the oscillator
type is limited to LC-type, and more than 200 µW power consumption is required in
conventional LC-type VCO design. In this chapter, a new transformer-based VCO is
presented with much lower power consumption and larger output amplitude (to reduce the
power budget of the buffer). The performances of the VCO are derived from the analysis
and verified in experiments. Based on this transformer-based VCO design, improvements
are applied and integrated in two different applications. The first one is the area-reduced
and supply pushing reduced VCO design. The PGS embedded TF used in this work
indicates that the compact TRX layout can be realized with a smaller on-chip area. The
proposed VCO’s core area is only 0.12 mm2, as same as the transformer itself. To mitigate
the PN degradation from the voltage ripple introduced by the DC-DC converter in battery-
powered portable devices, a supply pushing reduction loop is embedded with the VCO
while consuming no additional voltage headroom and minimizing additional power. The
second design based on the transformer-based VCO is the injection-locked multiplier.
The low jitter clock synthesizer is one of the most demanding components in various
systems. As we noticed, the commonly implemented type-II PLLs using low reference
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frequency cannot provide sufficient voltage-controlled oscillator (VCO) noise suppression
bandwidth, e.g., < 1 MHz.

In contrast to PLLs, the injection-locked clock multipliers lock oscillation frequency
to an integer multiplier number of reference clock by injection pulses, and the noise
suppression bandwidth is much larger. Meanwhile, the power budget is relatively much
smaller compared with traditional PLL designs. In this part, the flicker noise of the VCO
is become significant due to the ILCM can only provide first-order in-band noise sup-
pression. Thus, the transformer-based VCO’s flicker noise is analyzed, and a high jitter
performance clock multiplier is constructed. With a better understanding of the injection
lock mechanism, the frequency modulation can also be applied by utilized the injection
locking (the in-band spurious issue should be solved). With this ultra-low-power ILCM,
the next transceiver design may save more power from the frequency synthesizer.

After discussing the VCO, a new transceiver RF input and output circuit are pro-
posed with minimized on-chip area and providing a direct antenna interface. The key
performances of power amplifier, low-noise amplifier, and T/R switch are difficult to be
designed as the counterparts by using off-chip components due to the low-quality fac-
tor of on-chip inductors/transformers and non-ideal transistor characteristics. Obviously,
the insertion loss of the T/R switch is significantly important since it results in the TX
efficiency reduction and RX sensitivity reduction. It is possible to implement the conven-
tional method such as the SPDT switch and PA with an additional filter network. However,
these methods are not area efficient and power efficient. An integrated Radio-Frequency
Input-Output (RFIO) embedded with transmitter/receiver (TX/RX) switch function and
on-chip impedance matching is proposed. There are two RX routes shown in the proposed
structure. One is with the LNA route, and another is the LNA bypass route. Moreover,
the LNA bypass route shares the same route with TX output. In TX mode, TF realizes
2nd harmonic rejection and power combining, while the LNA matching network provides
HD3 suppression. In RX mode, different RX input routes can be configured according to
the input strength. The TF enables a single-ended LNA solution and lower power con-
sumption. Through maximally reusing the passive on-chip components, including but not
limited to the inductors, a harmonic-suppressed TX and high input power tolerant RX can
be realized within a small on-chip area with an embedded T/R switch function. Com-
pared with other previous work [11], more than 30 % chip area is reduced, and the design
achieves the reported smallest on-chip area with TX/RX switch function in state-of-the-art
BLE transceiver designs.
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4.2 Contribution of the Thesis

Firstly, a low-power VCO structure is proposed, which is suitable for IoT applications.
The key point of designing a transformer-based VCO are illustrated and can be imple-
mented in any low-power and moderate phase noise required VCO design case. The
detailed analysis of the transformer-based oscillator is carried out and can be easily ap-
plied in other transformer-based circuits. The supply reduction technique is also suit-
able for low voltage supply oscillator design with DC-DC converters. On suitable oc-
casions, the proposed ILCM can be very power efficient and provide extremely high
jitter performances. Also, the frequency modulation is also realizable by utilizing the
injection locking. Secondly, the proposed minimized on-chip RF input and output cir-
cuitry with embedded TX/RX switch is a candidate for a low-frequency transceiver with
a small area required. The proposed technique can be applied in any low-frequency TDD
transceivers with out-of-band spurious emission required. All the presented techniques
in this thesis can be candidates for the next generation of BLE transceiver design. The
transformer-based VCO can be utilized to reduce the power of the frequency synthesizer.
The injection-locked multiplier can be utilized to further reduce the power consumption
with modulation function. Similar RF input/output techniques can be applied in the next
generation design because of almost the same RF requirements.

4.3 Bluetooth Transceiver Towards 5.2

In December 2019, the Bluetooth core specification was updated to version 5.2. The
transmitter characteristics based on core specification V5.2 [4] and receiver characteristics
are summarized in the Table 4.2 in chapter 1.3. Compared to the standard v4.2 and the
newly released v5.2, the most important change in the transmitter is the 2 Mbps mode
is introduced as an alternative option which uses the GFSK modulation with 500 kHz
frequency derivation. The basic 1 Mbps mode is similar to the description in BLE v4.2.
Also, to realize long-distance communication, which is important in the mesh network, a
class I power option is also available in the BLE part of the newly released v5.2.

Firstly, in the future work, the integration of both the 1 Mbps and 2 Mbps GFSK
modulation is the first target (also needs to be realized in a low-power implementation.).
As we introduce in section 3.4, a direct frequency modulation (DFM) TX shows poten-
tially higher system efficiency compared with conventional Cartesian-TX while perform-
ing medium-rate FSK modulation. Also, benefits from the wide bandwidth of the PLL
(around 5 MHz), the direct frequency modulation transmitter can be realized with 1 Mbps
(2 Mbps) GFSK modulation. By directly changing the frequency control word, the output
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Figure 4.1: Simplified Transmitter Structure Based on CRRO.

of the DPLL can be modulated with 1 Mbps (2 Mbps) signal. In the TX part, there are
also traditional ways to enhance the modulation bandwidth is that two-point modulation.
Since the direct frequency modulation method is one point modulation at the frequency
control word of the PLL, which experiences a low-pass loop function. While adding an
additional modulation path at the input of the VCO, which has a high-pass loop function,
a wider modulation bandwidth can be realized. However, several problems have been
found in the traditional two-point modulation. Due to the different delay exists in the two
modulation paths, the time and gain mismatch will occur and results in larger FSK error.
Thus, additional delay mismatch and gain mismatch calibration circuits are required to
realize two-point modulation, which needs additional power.

As we notice, the hybrid-loop RX can demodulate the signal (BWsignal ≈1 MHz) by
utilizing its wide-bandwidth (BWPLL ≈5 MHz). However, when the signal bandwidth
increase, e.g., 2 MHz, the input signal is filtered by the insufficient bandwidth of the PLL,
which degrades the SNR and leads to a bad sensitivity performance.

There are several methods to overcome this problem. The first solution is that we
can utilize a higher reference clock, e.g., 80 MHz or higher, with a trade-off between
the power consumption. However, this solution will double the power consumption of
some building blocks in the DPLL, such as the DTC, TDC, and the digital filter. Also,
conventional Cartesian-TRX can be utilized with I/Q demodulation, which needs more
power consumed by the mixer, ADCs, and the circuit generating the I/Q signal. Since
the hybrid-loop RX shows advantages in power consumption, to realize the 2 MHz signal
demodulation, a bandwidth enhancement of the PLL has to be realized with an acceptable
reference frequency.
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4.4 Small-Area and Low-Power TX using A Sub-200 µW
Ring-Oscillator

In our future work, a low-power 2.4 GHz BLE direct frequency modulation transmitter is
designed with a ring oscillator and 2 Mbps modulation is embedded using a low reference
frequency e.g., 40 MHz. Without using the higher reference frequency to enhance the
PLL bandwidth or using the two-point modulation, a digital PLL based on a ring oscilla-
tor running at 1.2 GHz is utilized, as shown in Fig. 4.1. To generate the 2.4 GHz wanted
frequency, an edge combiner can be utilized, which uses the multiple phases from the
ring oscillator. With a 40 MHz reference bandwidth, the DPLL can be modulated with
250 kHz frequency derivation, and the EC combiner can double the frequency derivation
into 500 kHz which satisfies the v5.2 requirements. Benefits from the EC combiner char-
acteristic, the required frequency derivation can be reduced to only half of the original
value.

A ring oscillator, which benefits from a wider tuning range with a small on-chip area
can be utilized in this transceiver implementation. To realize a large frequency derivation,
a large fine range tuning range is required for the PLL frequency control. The frequency
tuning in the conventional ring oscillator can be realized by switching the loading ca-
pacitance as shown in Fig. 4.4 which wastes power. As we notice, the frequency is also
related to the current consumption. Except adding the capacitor at each drain node, di-
rectly tuning the current can also the efficient in the frequency tuning, which saves more
power (with a lower loading capacitance). Meanwhile, the frequency tuning of the ring
oscillator can be realized by changing the number of branches, which consists of current
mirror transistors and the switch transistors. Because the transistor is available in a wide



150 Conclusion and Future Works

FCW

Ibias

Iout

FCW

Ibias

Iout

Figure 4.3: Current DAC implementation.

FCW FCWFCW FCW

VDD VDD

FCW FCW

VDD VDD

Figure 4.4: Conventional ring oscillator with frequency control bank.

range of sizes and can be matched in the layout, the current source implementation will be
benefited from the smaller on-chip area (no capacitors) and the small mismatch between
each cell. That improves the linearity of the fine frequency tuning with lower spur level
is desired.

To lower the power consumption of the conventional ring oscillator design, a lower
VDD, e.g., 0.6 V, is commonly used, which needs additional LDO in the chip, which also
consumes more power. As we also notice that the additional LDO has to be designed with
large PSRR due to the large KV DD of the ring oscillator, as shown in Fig 4.2.

The current source implementation can provide additional PSRR with an embedded
frequency tuning function. The current source implementation and the current reused
ring oscillator (CRRO) is shown in Fig. 4.5 while the inverter cell is shown in Fig. 4.6. By
utilizing the characteristic of the edge combiner, the ring oscillator can run at 1.2 GHz,
which saves nearly half of the power compared with the one running at 2.4 GHz. There are
four cells in the ring oscillator design, and the stacked structure can be used to realize the
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current reuse-function. Since there are multiple phases in the ring oscillator, the virtual
ground in the middle point can be easily realized with a 10 pF capacitor, and the voltage
of the center point is approx to half of the VDD.

In this design, three current-steering DACs (3-bit coarse, 6-bit medium, 6-bit fine)
are implemented to achieve frequency tuning range. A current bias is feed into a PMOS
type current mirror, which generates the internal voltage bias for the current DAC. A
transistor size ratio around 1:1 is chosen to mitigate the mismatch from the transistor, and
thus, the internal current can precisely follow the feed current. The FCW control code
is controlling the switch transistors to select the bleeding current. In case the parasitic
capacitance influences the switching transition (more than 300 MHz frequency for the
DSM control bit), the switch size has to be carefully selected with considering the on-
state resistance and changing capacitance. Finally, only one finger 120n/200n transistor is
selected as the fine band current switch and DSM switch. The target performance of the
low-power ring oscillator and other state-of-the-art VCOs are summarized in Table 4.1.

4.5 BT 5.2 TRX with Multiple Power Mode

As we discussed in Section 1.3, transmitter characteristic has been a little bit changed e.g.,
output power class, according to the core specification V5.2 [4] which summarized in the
Table 4.2. Actually, the power enhancement of the transmitter brings great challenges to
the local oscillator designs.
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Table 4.1: COMPARISON WITH OTHER STATE-OF-THE-ART BLE VCOS

JSSC’17 JSSC’19 JSSC’19 ESSCIRC’19
This Work

(Target)
Technology 28nm 40nm 28nm 65nm 65nm

Structure LC-VCO Ring-Oscillator LC-VCO LC-VCO Ring-Oscillator
Multi-Phase No Yes No No Yes

Center Frequency
(GHz) 2.454 2.25 2.4 2.68 1.275

PN@1MHz
(dBc/Hz) -116.9 -83∼-85 -119 -115.1 -88.5∼-91.2

Power (mW) 0.4 0.126 0.67 0.097 0.12∼0.24
Tuning Range (%) 22 22 N/A N/A 45

FoM@1MHz(dBc/Hz‘) -188.7 -158.1 -188.4 -194 -159∼-162.7
DCO Area(mm2) 0.3 0.0017 0.15 0.28 0.0048

Supply Voltage (V) 0.5/1 0.6/0.9 0.2 0.5 1
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Table 4.2: TRANSMITTER CHARACTERISTICS BASED ON CORE SPECIFICATION V5.2

Parameters Value

Channels
f =2402+k*2 MHz,

(k=0, . . . ,39)

Output Power

Power Class 1:10dBm∼+20dBm
Power Class 1.5: -20dBm∼+10dBm

Power Class 2:-20dBm∼+4dBm
Power Class 3: 0dBm∼-20dBm

Modulation Scheme
GFSK

(0.5± 5% modulation index)

Frequency Deviation
Fmin = min { |Fmin+ | , Fmin- }

1 Mbps: 250 KHz
(Fmin>185 KHz)

2 Mbps: 500 KHz
(Fmin>370 KHz)

Harmonic Emission
2nd harmonic -41.2* dBm
3rd harmonic -41.2* dBm

In-band Spurious Emission
1 Mbps

2 MHz: -20 dBm
≥ 3 MHz: -30 dBm

2 Mbps
4,5 MHz: -20 dBm
≥ 6 MHz: -30 dBm

Frequency Drift
Package

± 50 kHz
(Maximum drift)

Drift Rate 400 Hz/µS
* According to FCC 15.249.
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Figure 4.7: The phase noise coverage of the VCO with different modes.

First, we recollect the phase noise requirement for the RX and TX, respectively.

For the LO phase noise requirement in the RX, we mainly consider the ACR perfor-
mance due to the reciprocal mixing because of the negligible SNR degradation introduced
by the phase noise directly. When a large interference exists at the adjacent, the noise skirt
of the VCO will down-convert the interference into the wanted signal in-band. Thus, the
in-band SNR performance is degraded with a bad phase noise performance. Because of
this, the PLL PN performances and the spur performance have to be considered seriously.
The minimum required PN in the RX based on the most critical ACR performance can be
calculated as:

LPN,max ≈ Swanted−Sunwanted−SNRmin−10logBWeff,noise (4.1)

While considering the desired signal level with -67 dBm under a -40 dBm blocker
at 3-MHz offset, a LO noise performance of less than -99 dBc/Hz at 3-MHz offset (-
90 dBc/Hz at 1-MHz offset) is strictly required. This requirement is quite relaxed for
a conventional LC-VCO design. Considering non-ideal components also contribute to
the noise, the target of the VCO performance is specified with -110 dBc/Hz at 1 MHz
offset are sufficient for the most strict ACR performance. This value is hard for the ring
oscillator design but still very easy to realize with a custom-designed LC-VCO (even with
low power consumption).

Let us consider the VCO phase noise requirement in the TX part. As we know, the TX
in-band spurious emission is generated from the non-linearity of the TX chain or the phase
noise or spurious of the frequency generators (PLLs). Also, as the table shows, the in-band
spurious emission is specified in absolute value (dBm), which is measured on a 1 MHz
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Figure 4.8: The mode switching in the transformer-based VCO structure.

RF frequency range. That means a higher output power requires a lower noise skirt of the
PLL. Considering the 0 dBm cases, the PN noise with -110 dBm at 1 MHz offset leads
to a enough margin (16 dB, shown in Fig 3.32(c)) in the 3 MHz ACR performance (the
spur influence also needs to be considered). While considering the 10 dBm output cases,
a PN noise with -124 dBc/Hz at 3 MHz offset is required which equals to -114 dBc/Hz
at 1 MHz offset (10 dB margin). If a transmitter is embedded with power class I, the
maximum output power of the TX will be around 20 dBm. That requires a more strict PN
noise performance, which approx to -124 dBc/Hz at 1 MHz offset (10 dB margin). While
considering the noise contribution from the spur and non-ideal components, this value
should be enhanced accordingly. Basically speaking, the -124 dBc/Hz at 1 MHz offset
phase noise performance is achievable in conventional LC-VCO design with several mWs
power consumption. However, the integration of the low-power mode and the high-power
mode is generally required. That means the VCO should have a large range of phase noise
performances, which can be tuned by the mode selection, as shown in Fig. 4.7.

For example, a well-designed NMOS type LC-VCO can achieve -125 dBc/Hz at 1 MHz
offset with 2 mW power consumption (FoM ≈−190dBc/Hz). This performance is suffi-
cient for the high power mode (>15 dBm) while this performance is much over in the low
output cases (<0 dBm). Through changing the current bias of the NMOS-type VCO can
achieve lower power consumption with decreased phase noise performances. However,
the inductor value of the NMOS-type VCO already means that it is impossible to achieve
low power consumption with a moderate phase noise performance. Another case is that
the low-power design, which using large inductance. A CMOS-Type LC-VCO with a
large inductor can be power-efficient in low-power cases with sufficient phase noise per-
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E
n

e
rg

y
 S

o
u
rc

e

Battery

High Performance Operation

PA

DTC

High Voltage

Router
Far-away

Internet

Coi l

NdFeB

p-type n-type

Heat

C
u

rr
en

t

Wire less 
ch arg ing

Solar  panel s

Figure 4.10: The high performance operation of the BLE transceiver.

formance. However, the phase noise performance is limited due to the inductance, and
adding current does not significantly improve the effect, which will cause the transistor to
work in the triode region.

Conventionally, to achieve both low power consumption in low output power case and
high phase noise performance in high output case, two LC-VCO can be utilized, e.g., one
CMOS type and one NMOS type. However, this method requires a large on-chip area
and design cost. Also, the LDO number needs to be double because the VDD condition
is different in the NMOS-type and CMOS-type.

To save the on-chip area and realize a multi-mode of VCO design, the transformer-
based structure can be utilized, which shown in Fig. 4.8. With properly configure the cur-
rent path, the transformer can be configured into a current-reused mode, which is similar
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Figure 4.11: Multi-standard TRXs integration with low-cost implementation.

to the conventional CMOS structure. In the high-performance mode, the transformer-
based structure can be configured into the coupled NMOS type. The total current will be
double, while the voltage headroom will also be enhanced.

Also, the mode switching of other build blockers should also be considered, such
as the DTC and TDC. Typically, a renewable energy source with lower voltage can be
utilized in low-power mode, such as the solar panel with 0.5 v supply voltage as shown in
Fig. 4.9. In this case, the DTC and the TDC should still work with moderate performance.
However, the lower supply voltage will limit the current source in the DTC. Thus, some
low-voltage techniques should be implemented in the low-power mode. While the high
power mode can directly use the battery, which provides a higher voltage supply, as shown
in Fig. 4.10, the power efficiency of these building blocks can be optimized.

Through mode switching in different scenarios, the power-efficiency of the TRX can
be optimized while renewable energy sources can be implemented. Thus, the life-time of
the transceivers can be greatly improved. And, we finally can achieve a better life at a
lower cost.

As shown in Fig. 4.11, one passive filter with multi-pass bands can be implemented
for the different standard TRXs. Such as the Bluetooth transceiver and the WiFi, which
works in the same 2.4GHz. A shared passive network can be designed with different
standard TRX. Also, the LO generation can be shared with the same band TRX operation.
By sharing the area-consuming part, e.g., the on-chip filter and the LO generation, also
integrate the off-chip components, like the antenna switch, a small-area, and low-cost
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multi-standard embedded TRX can be realized.
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